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in a One-Micron NMOS Technology

Ph. D. " David C. Soo DepamnmtofEECS

Abstract

This thesis is concerned with methods of realizing wide-band amplifiers and high-
speed voltage comparators in a 1um NMOS process. Three amplifier and four comparator
configurations are analyzed theoretically,’ and based on these analyses, design curves and
equations are generated to facilitate circuit optimization. Optimized dircuits for each confi-
guration are compared via simulation and design trade-offs are considered. Results from
this study lead to new dircuit configurations for voltage amplificaﬁbn and comparison. A
new amplifier configuration using a'ctivg shunt feedback to obtain stable wide-band voltage
gain is proposed. This amplifier configuration is incorporated into the design of a high-
speed voltage comparator. The simulated comparison rate of the proposed circuit is

highest among the eight comparators ‘considered in this study.

A high-speed voltage comparator, a wide-band amplifier and a S0Q output buffer
have been fabricated using a 1um NMOS technology and tested at high frequencies. The
voltage comparator achieves 5 bits of input resolution at 750 MS/s. The amplifier has a
gain of 9dB and a bandwidth of 1.17GHz. The output buffer can deliver 12.5dBm of
power to a 50 load with a loss of 3dB and a bandwidth of 3.5GHz.
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Chapter 1 Introduction

The driving force behind MOS technology has been the constant advancement in
photolithography. From a 10pum-aluminum-gate NMOS process, this technology has
evolved into the 2pm-polysilicon-gate CMOS process. Next generation processes will pro-
duce MOS transistors with channel lengths below one micron. In addition to higher pack-
ing density, these sub-micron technologies have higher switching speed because of the

improved transistor fr.

Ring oscillator delay is a useful indication of the intrinsic speed of an integrated-
circuit process. Among the different silicon technologies, NMOS .has demonstrated the
fastest ring oscillator speed - 70ps, 32ps and 28ps for the 1pm, 0.5um and 0.35um gate
length, respectively [5] [35). For comparable design rules, the ring oscillator speed of a
CMOS process [36] has always been a factor of two or more slower than that of the
NMOS because of the lower hole mobility of the P-channel transistor and the higher
parasitic capacitance associated with the N-well. Bipolar technology has also taken advan-
tage of the improving photolithography to enhance its speed performance. Using emitter
dimension down to 0.35um, a ring oscillator delay of 30ps has been reported [4]. NMOS

and bipolar are the two silicon technology competing in the high-speed arena.

A/D, D/A converters and optical repeaters are needed for telecommunication at data
rate above 1GHz. In these applications, bipolar technology has the advantage of high
transistor voltage gain gmr, which makes realization of analog circuits with high gain and
high accuracy possible. However, its disadvantage when compared to MOS is its finite
current gain gmr, Which makes it difficult to design analog sample-and-hold at speeds
above 1GS/s. Because of the requirement for analog S/H and the compatibility with exist-
ing digital circuits, it may be more suitable to implegnent high-spw'd low-resolution analog
circuits such as 4-bit A/D converter and optical repeater in 1um NMOS technology.

Because short-channel MOS is a relatively new technology, many of the basic circuit

functions are still dependent on further research. For example, voltage amplification and.
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comparison are two basic circuit functions that need to be studied. These functions are
| essential to the implementation of A/f), D/A converters and optical repeaters. Further-
more there is no general theory or de.;ign principle available in the literature that deals
with voltage comparators. This thesis reports on an investigation in the design, the speed
and the various trade-offs of wide-band amplifiers and high-speed voltage eompar'ators in
a 1um NMOS technology. The technology used to fabricate the test circuits in this report
was originally developed at Bell Laboratories, Holmdel. The technology is referred to as
SiGMOS - Silicon Gigabits-per-second NMOS technology [S]. The process flow and design
rules of the SIGMOS technology are shown in appendix A-3 and A-4 respectively.

Chapter 2 investigates the design of wide-band amplifiers. Three amplifier configura-
tions are considered. They are the open-loop, the single-stage shunt feedback and the
three-stage shunt feedback. It is shown that an amplifier which employs active shunt feed-
back around a single gain stage has the best speed performance. Using the SiGMOS tech-
nology, wide-band voltage amplification up to 2 Gl-ﬁ seems feasible. Gain-bandwidth-
Jproducts, transistor f7, and ring oscillator delay of the SiGMOS technology are also con-
sidered. Finally the chapter concludes with a discussion of the trade-offs between gain,
bandwidth and gain sensitivity for the three amplifier configurations.

Chapter 3 focuses on the design of high-speed voltage comparators. Unlike opera-
tional amplifiers which have feedback, voltage comparators are open-loop circuits. With
the addition of transfer gate, and analog S’H from the MOS technology, voltage compara-
tor designs can have many variations; there is no general consensus as to which compara-
tor configuration should give the best pérformance. This chapter analyzes four basic com-
parator conﬁguraﬁons - cascade of open-loop amplifiers, cascade of open-locop amplifier
with reset, pipeline of differential amplifiers and preamplificf plus regenerative latch. For
each configuration, first order design equations and curves are presented, and optimized
examples are compared in terms of sampling rate, comparison delay and power dissipa-
tion. For the last two comparatdr configurations, its is shown that applying negative feed-
back can improve the recovery time of the comparator significantly.

Chapter 4 gives experimental results to support the theories developed in the previ-
ous two chapters. A 3.5GHz 50Q output buffer is first described. Then a 1.17GHz, 9dB
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gain wide-band amplifier is presented. This amplifier employs single-stage shunt feedback
to stablize its characteristics. The same amplifier configuration is incorporated in the
preamplifier of a high-speed voltage comparator which relies on the positive feedback
_regeneration of a latch to generate the large digital signal at its outputs. This comparator
has achieved § bits of input resolution at 750M$/s.



Chapter 2 Wide-Band Amplifiers

In this chapter, the design of wide-band amplifiers in the SiGMOS technology is con-
sidered. In particular, amplifiers intended to drive only internal capacitance are considered
here because these amplifiers are to be integrated as part of a larger system on a ﬁge
chip. One example is a preamplifier of the latched comparator described in chapter 3, that
employs negative feedback to obtain stable wide-band voltage gain. Other applications
include clock input buffers, amplifiers in fiber optics repeaters, and amplifiers for high

frequency prescalers.

Three basic wide-band amplifier configurations are considered here in detail. They
are the open-loop amplifiers in section 2.1, the single-stage active shunt feedback amplifier
in section 2.3, and the three-stage active shunt feedback amplifier in section 2.4. Each
amplifier design. has its advantages and disadvantages. For example, the open-loop amplif-
ier has the lowest power dissipation among the three amplifier designs, but poor frequency
response and poor amplifier gain stability. The single-stage active shunt feedback amplifier
on the other hand has the highest frequency response among the three, but only moderate
gain stability. Finally the three-stage active shunt feedback amplifier has the best gain sta-

bility but only moderate frequency response.

Section 2.2 defines the normalized gain-bandwidth product as a figure of merit in
the performance evaluation of different amplifier designs. The relationship between gain-
bandwidth product, transistor fr and ring oscillator delay are also considered in this sec-
tion. Finally in section 2.5, sensitivities of the three types of amplifier are considered and

conclusions are drawn based on amplifier performance.
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2.1 Open Loop Amplifiers - Inverter and Source Follower

2.1.1 Depletion Mode Inverter

DC Biasing and Other Considerations

The depletion mode inverter, shown in figure 2.1 has been used extensively in digital
systems as a logic inverter. This section investigates the possibilities and the problems of
using this simple circuit as small signal amplifier within a larger integrated circuit.

By cascading these inverters in series, we can achieve large voltage gain. The a.c.
equivalent circuit of such a cascade resembles that of the bipolar amplifier proposed by
Gilbert [1]. The success of these bipolar open loop amplifiers [9] is mainly due to the well
behaved exponential characteristic of the bipolar transistor and the good matching proper-
ties of the bipolar process. On the other hand, short channel MOS transistors are plagued
with non-idealities and short channel effects. These probiems when compounded with tem-
perature and process variations, may render the inverter unacceptable in applications
where gain stability is of concern. In which case, negative feedback amplifiers presented in
section 2.3 and 2.4 should be used.

In figure 2.1, an active load is used instead of a resistive load because in most digital
NMOS technologies, well charactet'ized resistors are not available. A SV supply is
assumed because a higher supply voltage would induce hot electron currents ( since Vpp
can appear across the drain-source of the short-channel transistor under large input signals
) which in turn causes long term reliability problems [2]. The use of a 5V supply and
active load impose constraints in circuit designs.

To achieve high frequency response and low sensitivity to processing variations, the

following design ( summarized in table 2-1 ) is proposed. This design is based on an

inverter aspect ratio ::—g of 1. Conventional NMOS logic inverters, usually have a g—:

ratio between 2 to 4, because the enhancement and depletion thresholds are fixed at 0.7V
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Fig. 2.1 Depletion-mode inverter.

Design Parameters

vdd ‘ +5V
Vss -8V
wd w

Ld lum
We w

Le lum
Vitd -1.5v
Vte 1v

Table 2.1 Summo.ry of Depletion Mode
Inverter Design.
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and -3V respectively in a conventional technology, and the inverter ratio is chosen such
that Vg is below the enhancement threshold to ensure good noise margins. In the SiG-

“MOS technology, an alternative approach was taken, such that the inverter ratio is fixed
at 1 and the threshold voltages are optimized so that the dc transfer curve goes through
the point where Vpv=Voyr=2.5V. This way, noise-margin high is approximately equal to
noise-margin low. We will show that the "one-one” design improves speed performance
and lowers amplifier sensitivities to processing variations.

In the one-one design, frequency response is improved because parasitic edge capaci-
tance at the output node is minimized. Consider a typical layout of the inverter shown in
figure 2.2. In this layout, the edge capacitor at the output node is only 10 microns long
and it does not scale with the inverter width W. Therefore by making W large, edge
capacitance can be made neglectable compared to other loading capacitances. Measured
values of the different capacitors in the SiGMOS technology are summarized in table A-1
in the appendix. Using these data and assuming W equals 10pum, the gate capacitance of
the following stage is calculated to represent only about 40% of the total capacitive load-
ing at the output; therefore minimizing edge and junction capacitance is essential for high
frequency operation.

The one-one design also improves control of the amplifier dc gain against processing

variations. The dc gain of the amplifier is given by

Vi

_— —gmk (2'1)
where

= 1
R= (el

For the MOS transistor, transconductance is proportional to device width W, and output

resistance is proportional to —‘%,-, therefore by making Wg = Wp, the gain of the amplifier

is insensitive to overetch during the field oxide cut that defines the device width.
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Fig. 2.2 Typical layout of a depletion-mode inverter.
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To achieve wide bandwidth, the transistor should be operated in the high transcon-
ductance region because the transistor fr is -2-%%;. Figure A-1 shows the I-V characteris-

tics of a 0.95 micron gate length MOS transistor. Because of velocity saturation, its
characteristics deviate from ideﬁl square law, and the measured g, curve in figure A-2
saturates at high Vgs—Vr. To operate at 90% of maximum g, a8 Vgs=Vr of 1.5V is
chosen as the desired bias point. Biasing the transistor at higher Vgs—Vr would not
improve speed performance but would increase power dissipation, degrade output resis-
tance and above all, lower the gain of the transistor.
Once the desired Vgs—Vr is chosen at 1.5V, and the inverter ratio is set to 1, the
_enhancement and the depletion thresholds are optimized in the following manner. The
measured saturation current for the transistor in figure A-2 shows that at Vgg—V7 higher

than 1.5V, Idsat versus Vgs—Vr can be approximated by a straight line.

Ipuz = keWe( Vosg—VrE-0.45) | (22)
and

Ipgp = kaD[ Vesp— vm-o.4s) - 2.3)

for the enhancement and the depletion devices respectively, and kz=kp=80pA/V. Since

Ipsae=Ipsap and Vgsp=0 in figure 2.1, we have
Vose-ViE = [—vw-o.45]-‘-”—‘l + 0.45 (2.4)
WE
If Wg=Wp, equation 2.4 reduces to

Vese=Vre=—VmD

which implies that the desired Vgs—V7 of the E-device is governed by only one process
variable, the depletion threshold. Since the desired Vgs—Vr is 1.5V, Vrp should equal
-1.5V. In order for the inverter to be dc cascadable, the desired operating point is
Viv=Vour=2.5V. Since Vy=VgsE, according to equation 2.4 V7g equals 1V.



Vout (V)

Fig. 2.3

Fig. 2.4

DEPLETION MODE INVERTER

-10-

4306482 v — | —T== +8, 06489
p \ \ — r
i N i .
N s !
1 \ / 9
“4.06488 - — A 7 ~1.8E+88
! \
AL
\

[ -
+3.88+282 P T \ ] -2.0E+03
' N W '

4 ' \ :
+2.06462 1 \:, -2.8E+238
\ !
p l I
+1.8E483 : ! A 4.9+
p ' t ‘ I ) \
i : \ Ji [} \\.
T LI
b \/ ; r
+0.85+28 bo—s N N s N N — a beheretd -5, OE+BB
+3.0E+88 +] . ZE+B30 +2.8E+30 +3.8E+08 +4,.0E+20 +5,2E4+38
Vin (V)
Simulated DC transfer curve and gain of inverter.
Cgd
Cin .
+
+ Cgs |
Vin Cb + == C.],) gmeVin S R Cl °T Vout
- Cgsol

Small signal equivalent circuit of inverter.

VOLTAGE GAIN



-11-

The simulated dc transfer curve is plotted along with the dc gain in figure 2.3. The
maximum gain point occurs at Vp=2.5V because the output resistance R in equation 2.1 is
maximized when Vpg=Vpsp=2.5V. Measured device output resistance versus Vps is
‘shown in figure A-3. For the one-one inverter design if we choose the dc operating point
at Vv=Voyr=2.5V, we have the following desirable properties:

1. maximum dc voltage gain,
2. dc cascadable,

3. the enhancement transistor operates at 90% of its maximum fr and

4. dc gain and bias point is insensitive to variation in device width.

Small Signal AC Analysls

A first order analysis of the small signal equivalent circuit in figure 2.4 shows that

the transfer function of the inverter has a real pole and a zero.

NOR— e 4

-2 = l T SR[ C1+C34J] 2.5)

Vin
where
1
R = e
rogllropll o

Cgs = CysgtCosolg
Cu = ng;+ngd,
and
C = Cm+g,b+C@,+ Cado+ Cgdolp

Cin is the input capacitance of the next stage. Cgooiy and Cgaoiy are the source and drain
overlap capacitances of transistor Mg in figure 2.1, respectively. Cgq and Cpyyy are the

.small signal gate-to-source and -gate-to-drain capacitance of transistor Mg when it is
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operating in the saturation region. Other capacitances used in equation 2.5 are defined
accordingly. Figure A-6 and table A-1 summarized the measured device and parasitic

capacitances.

A word on the symbol convention for circuit elements (especially capacitances)
adopted in this thesis is épproapriate at this point. The lower case subscripts g, 8, d, and b
refer to the gate; the source, the drain and the bulk 6f a MOS transistor respectively. The
subcript ol for a capacitor means overlap capacitance. A upper case subscript refers to a
particular transistor named in the figure being considered. For example, Cguoi, refers to

the gate-to-drain overlap éapacitance of transistor Mg in figure 2.1.

The pole has a magnitude equal to the reciprocal of the output RC time constant,
and the zero which is due to the feed forward capacitor Coy, has a magnitude higher than
the fr of the transistor. Substituting measured values into equation 2.5, the calculated pole
magnitude is 800MHz, the inverter gain is 4.5, and the unity gain frequency is 3.6GHz.
‘I"hese calculated values agree well with the simulated results in figure 2.5, which shows
the magnitude and phase response of the inverter when driving an identical inverter with
W=20um.

Referring to figure 2.4, the input impedance is

z(s) = - 1 ) . (2.6)
] ] [1"'55' {
§] Coyt+Cy 1+8Mi1+:R(C;+C34J]
\ J
\ J

/At low frequencies, the input impedance is capacitive and the equivalent capacitance is
Cin = CortCoa 1+gmR) @.7)

where the term [1+g,,,R] represents the Miller multiplication factor. For the present

design. g4R is 4.5, therefore Miller capacitance can be a considerable part of the total
loading capacitance. Figure 2.6, the simulated input capacitance of the amplifier
(W=20pm), agrees with equation 2.6. The simulated low frequency input capacitance per
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micron of gate width is about 3fF/um.

Disadvantages

Potentially, the simple depletion inverter can be used as a small signal amplifier to

drive internal capacitance; unfortunately this circuit has many disadvaﬁtaga:

1.

The gain is proportional to device g7, therefore it is sensitive to temperature varia-
tions. r, is especially sensitive to variations in channel length and punch-through

implant.

The gain of the circuit is approximately equal to 5’-’{—" and cannot be varied controll-

ably by device ratioing in the layout without losing sonie of the advantages men-
tioned earlier.

The dc bias voltage for the gate of tn;nsistor Mg has to track with variations in thres-
hold voltages since Vgse=Vre—V7p. Vr in a NMOS process can vary by as much as
+100mV from wafer to wafer.

A cascade of these inverters would suffer gain-bandwidth shrinkage since each stage
has a single-pole response, making it unsuitable for high gain applications at high

frequencies.

Because of these disadvantages, the inverter is only useful in some non-critical appli-

cations such as clock buffers and output drivers. In more demanding situations, negative

feedback ( section 2.3 and 2.4 ) has to be incorporated to improve overall amplifier per-

formance.
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2.1.2 Source Fallower

DC Blasing and Other Considerations

Ancther type of open loop amplifier to be considered is the source follower shown in figure
2.7. This amplifier has only current gain which is suitable for driving capadtive load, and its vol-
" tage gain is less than 1. Its counterpart in bipolar technology is the emitter follower which is com-
monly used for level shifters and output drivers in circuits such as ECL, operational amplifiers,
etc. In GaAs technology, the source follower is used extensively to drive 50} transmission lines
and to perform level shifting in depletion mode GaAs logic. In this section we will investigate
using this circuit in the MOS technology to drive capacitive loads.

Aggin based on an aspect ratio -“:,'—; of 1, the design of the source follower is summarized in

table 2.2. As in the case of the inverter, the one-one design minimizes parasitic capacitances at the
output node and improves frequency response. Biasing point and dc gain of the circuit is also sta-
‘blized against variations in device W. The dc voltage gain of the source follower is

Yo _ gmiRo : (2.8)

vi I"’S miRo
where

1
8Embl

R, = '01“’02"

Suﬁsﬁtuﬁng the measured small signal device parameters in appendix A-1 into equation 2.8, the dc
valtage gain is 0.78. The simulated dc transfer curve and dc gain of the source follower are plotted
in figure 2.8. Notice that the transfer curve also goes through the point Viy=Voyr=2.5V. Apply
equation 2.3 to the source follower in figure 2.7, and assuming both transistors in saturation and
Wi=W3, we have

Vov=Vour = Ves1
= V1~ Vm2

=“7th-1sv"VWDthsv

Since body effect is small in short channel devices, Vy—Voyr is approximately 0V (refer to figure
A-4). This design is intended to achieve current gain with no dc level shift. Level shifting is not
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vdd

Vin o= HM] —

GND

Fig. 2.7 Source follower.

Design Parameters

vdd +SV
Vss -8V
w1 w

L1 1um
w2 w

L2 1um
vtd -1.8v

Table 2.2 Summary of Source Follower Design.
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calledinaFjDNMCXtechndogybecameﬂminvmisdcmwadable.

!

The desired dc operating point of this circuit is again at Vm=VowéZ.5V making it dc cas-
cadable either to itself or to the inverter amplifier in the previous section. Vgs1—V1p; is 1.5V,
thus g,, of transistor M is at 90% of its maximum value,

Small Signal AC analysis
The small signal equivalent circuit of figure 2.7 is shown in figure 2.9 where

1
t—1 ———
R, ’01"’02" By (2.9)
Ci = Cioad+ Cspy+ Capy+ Coar+ Cyaoly

ng = Cs_"‘" Cgsd1

The symbol convention for circuit elements here is similar to those in equation 2.5. The subscripts
1 and 2 refer to transistor M1 and M in figure 2.7. This equivalent circuit is based on the
hybrid-w model and can be easily transformed to the Y-parameter equivalent circuit in figure 2.10.
Y-parameter representation is especially convenient when analyzing circuits with two port shunt-
shunt feedback. By definition,

i Yn ¥plv: |
where
Yy= V1 =0 = S[Cé,-l-ng)

Yu = v_z Vl-o = -SC&,

Y= = = =gm—3Cgs
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GND
Fig. 2.9 Small signal equivalent circuit of source follower.
" l<2
o +
V1 v2

-
us

Yu Yaz th Yz‘z |

Fig. 2.10 Y-Parameter two-port representation of source follower.

va
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Using the Y-parameter representation, the circuit frequency response is calculated by setting
i2=0 in equation 2.10 and salving for v,

2()=-2 | @)

1+:£L
8m
1 Cpos+Ci
Fp s L idhd §
1+ 8mRo 8m

Rearranging terms in equation 2.11, we have

v G 1+%
" 1+L
P
where
_ _ 8mRo ,
C = Trguks @)
= Sm
z= om
and
&m

The pole p of the transfer function depends on loading capadtor C;, and the zero z is at a fre-
quency close to the device fr.

A sequence of simulations was performed on the circuit shown in figure 2.11 where a source
follower was used to drive the one-one inverter of the previous section. The width of the inverter

wasvanedsm:hthattheranoofmvetuwxdthtosmrcefollowermdﬂl(w’.)ofﬁ,

. .%g.::_m. -%L andZOp.m were used in the simulation of figure 2.12. The corresponding -3dB

bandwidth of the source followers are 10GHz, 4GHz, 2GHz, and 1.5GHz respectively, and the
simulated transfer function exhibits one pole and one zero.
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Fig. 2.11 Circuit used in source follower simulations.
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Fig. 2.12 Simulated frequency response of source follower.



-24-

The source follower is useful as a buffer to drive large on-chip capacitance from dc to fre-
quencies above 1GHz. Its efficiency dépends on its input capadtance. The input impedance is
defined as

i _ _ Yry
20 LBO = - 2 (2.14)
[ ] \
1+L
1+L

k s J
At low frequencies, the input impedance is capacitive and the equivalent input capaditance is

Cinlag = Cou + Cos(1-6) : (2.15)
At high frequendes, input impedance is also capacitive with an equivalent input capadtance
C
c,-,,L_ac = Cgy + Cgs [-C-;’—Jj—d] (2.16)

Simulated input capacitance of the source follower when driving inverters of different W;,, is plot-
ted in figure 2.13. Input capaditance of the source follower at low frequencies is 0.6/F/um, which
is in agreement with equation 2.15. At high frequencies, simmlated results agree well with values
given by equation 2.16.

In summary, the source follower in figure 2.1 with -‘-‘%’-ﬂ has a voltage gain of 0.78 and

a -3dB bandwidth of 4GHz. In the SiGMOS technology, its input capacitance is 0.6fF per micron
-of gate width and its loading capacitance (the input capadtahce of the inverter) is 3fF/um. There-
fare its capacitance buffering ratio is 1.5, niaking it suitable in many applications such as clock
drivers and output buffers.
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Fig. 2.14 Circuit used in f r definition.
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2.2 Transistor fr, GBW, and 74

Transistor unity gain frequency (f7), gain-bandwidth product (GBW), and ring oscil-
lator stage delay (74) are frequently used as figures of merit for the sake of comparisons.

Care must be taken when using these figures because if we compare fr of one process to

the 21}” of another, we are comparing different quantities. In this section, we try to
define the relationship between these figures, and more importantly, to give an idea about
the speed performance of the SiGMOS technology.

In section 2.2.1, fr of a MOS transistor is defined and plotted as function of its bias-
ing voltages. In section 2.2.2, GBW and Gain-bandwidth shrinkage of some open loop
amplifiers are considered. Finally in section 2.2.3 74 for the SiGMOS process is evaluated.
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2.2.1 Transistor fr

Jr is commonly defined as the frequency at which the transistor current gain ::—:

equals unity when the transistor is connected as shown in figure 2.14. An equivalent state-
ment for fr is the frequency at which A;; of the h-parameter 2 port representation equals'
one.

Direct measurement of /2; at high frequencies is usually difficult since a low ipduc-

tance short circuit is difficult to realize. Generally, s-parameters are measured instead

and then convertered to hz; using [3]

hy = 252
[1—suj [1+s22J + S5

(2.17)

This method requires the use of a high frequency vector network analyzer and a powerful
computer. Transistor width should be large so that C, is much larger than package parasi-
tics. Alternatively, accurate terminations can be used to calibrate the reference planes

right up to the transistor input and output.

A simpler, but less accurate method to measure fr is to measure ti:e small signal
transistor parameters used in Spice AC model and then calculate or simulate fr using the
equivalent circuit shown in figure 2.15. In figure 2.15, Cgy and Cyy are the total gate-to-
source and gate-to-drain capacitance of the transistor respectively. They include the over-
lap capacitance of the transistor. The accurécy of this method is limited by the validity of
:the model used. By inspecting the equivalent circuit in figure 2.15,

TR
E(s) = (2.18)
Since Cgq is usually less than Cpy,
2m (Cys + Cua

For a 1um MOS transistor (effective channel length = 1um) biased at Vgs—V7r=1.5V and
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Fig. 2.15 Equivalent circuit used in f r calculation.
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Fig. 2.16 Transistor f p Versus bias voltage.
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Vps=2.5V, measured g, from figure A-1 is 80pA/Vum (80mS/mm). Using measured
values of Cge, Cgd, Cygsot and Cogyt from table A-1. fr equals 8.26?!1. ( If one considers
that overlap capacitances are extrinsic to the device and wishes to e:_;dude them in the cal-
culation, then fr equals 10.2GHz. ) .

Figure 2.16 compares the simulated fr using Spice to the measured fr using s-
parameters. The close agreement‘ implies that the model used in Spice is accurate. Note

that fr reaches 90% of its maximum value when Vgs— V7 equals 1.5V.



2.2.2 Gain-Bandwidth Product - GBW

GBW of the Depletion Mode Inverter

From the previous section, fr of a 1um MOS transistor is about 9 GHz. This figure
can rival the best that bipolar technology has to offer [4]. Unfortunately, parasitic capaci-
tances are important in the SiIGMOS technology and they degrade the speed performance

of the transistors in an integrated circuit.

Consider the gain-bandwidth product of the inverter in section 2.1 (figure 2.1). From

equation 2.5,

G = gmR (2.20)
" and
Therefore

8m
GBW = 2.21
2n lem] l ( )

Cwow = C1+Cga

If the inverter is driving an identical inverter stage, equation 2.7 can be used with equa-

tion 2.5 to give
(2.22)
Cow = CgegtCyoolgt (C8¢+C8dd8] [1+g,,,R]+C,b+Cdb,+Cm+ Codotp+ Codst+ Cdols

The subscripts E and D refer to transistor Mg and Mp in figure 2.1. Cgp+Cay is the junc-

tion capacitance of the output node to the silicon substrate. It consists of two components -

aa
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an area junction capacitor and a sidewall junction capacitor. Looking at figure 2.2, the
sidewall junction capacitor does not scale with the inverter width W, whereas, all other
capacitive components in equation 2.22 do scale with W. Figure 2.17 shows the simulated
‘magnitude and phase response of the inverter with four different W designs (W equals
'Zp.m, Sum, 10pm and 20pm). Using data from figure 2.17, GBW versus W is plotted in
figure 2.18. Comparing equation 2.21 to equation 2.19, we see that the combined effects
of parasitic capacitances and Miller mﬁltiplication reduce the GBW to only 45% of fr
which is 8.2GHz. Since only the sidewall junction capacitance does not scale with W, for
W larger than 10um GBW approaches 3.65GHz in figure 2.18.

Gain-bandwidth Shrinkage of a Cascade of Inverters

As mentioned in section 2.1, one way to achieve small signal gain is by cascading N
identical inverters in series. If the gain is G and the -3dB bandwidth is BW for a single

inverter stage, then the overall gain for N stages is simply
Gy =GN

and the overall bandwidth is
L#_,|”
BWy = BW lzw-l
The total gain-bandwidth product is

) 2
GBWy = GNBW [2*'-1] (2.24)

which is clearly larger than the gain-bandwidth product for a single stage (GBW)). A use-

ful figure of merit in multi-stage amplifier designs is to use the normalized gain-bandwidth

product GN*'BWN. For N stages,

1 ¥ 12
GNVBWy = GBW |2V -1 (2.25)
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Fig. 2.18 Gain-bandwidth product of inverter versus width.
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Fig. 2.19 Common-drain-common-source pair.
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For N=2, normalized GBW equals 0.643XGBW. In other words, normalized gain-
bandwidth shrinks by 36% if we cascade two single-pole amplifiers in series. In section
2.3, we will show that the normalized GBW of a feedback amplifier can approach GBW .

GBW of a CD-CS Pair

In bipolar technology a common-collector-common-emitter cﬁhfiguration is used as a
composite device to improve the input impedance and current gain of the bipolar transis-
tor. The equivalent configuration in the MOS technology is the common-drain-common-
source (CD-CS) pair shown in figure 2.19. This configuration is useful because the input
capacitance of the composite connection is reduced as given by equation 2.14. By combin-
ing equation 2.5, 2.7, 2.9, 2.13, and 2.15 , the transfer function of the CD-CS pair has

two poles and two zero.

-8mRG [1+ —"-] [1+ —"-]
.;% [,] =— 1.4 %2 (2.26)

] lA]

where
5=
1 ng{f Cg'wx
= 8mz

" Tt

p1= —Ff &m 2
G | Cosy* Csotrt Catr Cat Coart Coavty+ Com* Cotg™ (Coata+ Coote) (1+8mR) ]

p2= —F 1 - 3
R | Cgagt Coaotg+ Csopt Catat Copdp+ Cadolpt Cgdr+ Cgaoty+ (C&"-l- Csmh) (1— G) I

L

The subscripts E, D, 1 and 2 refer to those transistors in figure 2.19. G and R are defined
in equation 2.12 and 2.5 respectively. Qualitatively, z; is at the transistor fr, z2 can be
neglected, p; is near GBW; (equation 2.21) and p3 is somewhat less than GBW; depending
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on the value of R. DC gain of the CD-CS pair is g,RXG, which is equal to 3.5
(4.5%0.78). The -3dB bandwidth of the composite pair is harder to determine since there
are two interacting poles in the transfer function. So relying on computer simulation, the
transfer function for the CD-CS pair is plotted in figure 2.20. The simulated -3db
bandwidth is at 1.5GHz, therefore the GBW of the CD-CS stage is 5.4GHz. Because this

is a two-stage amplifiér, the normalized gain-bandwidth product is Gz'}BWz, which equals
2.8GHz. The fact that this is less than the GBW of the inverter (3.65GHz) means that the
CD-CS stage is not very effective in trading power dissipation for small signal bandwidth
as compared to other circuit technigues such as feedback. Since the frequency response of
a CD-CS pair has a single-pole roll off characteristic at frequencies between p; and pj, it
can be considered as a single-stage inverter with effective GBW product at 5.4GHz. This
is analogous to the concept of composite transistor m bipolar circuit designs [7]. It is
shown in section 2.3.2 that the use of the CD-CS configuration (together with feedback)
can extend the bandwidth of feedback amplifiers.
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2.2.3 Ring Oscillator Stage Delay - 14

Ring oscillator stage delay, 14, is the most common figure of merit in current use. It
indicates the speed performance of the technology and the delay in digital circuits. Its
popularity arises from the fact that it is relatively easy to measure accurately. At this
time, the best reported value for 74 on silicon is in NMOS technology [35] where a 74 of
28ps has been achieved with 0.35um channel length MOS transistors. However, Si-bipolar
technology is rapidly improving with the fastest ring osillator speed reported at 30ps for
an emitter window of 0.35p.m wide [4].

To obtain an analytical closed form solution for 74 is not a trivial task because the
ring oscillator is a non-linear circuit. Recently, Bayruns et al. [6] have attempted a solu-
tion based on a system of piece-wise linear approximations. The mathematics used in the

derivation is quite involved, so only the final result is repeated here for reference. -

, v2 |
1a =AMLY + 05 [—%;:"l“."c—‘"] @.27)

where C,, Ciy and C, are the total capacitance at the output of the first stage, the input
of the second stage, and the output of the second stage respectively. NM1 and NMO are
the high and low noise margins respectively. I’ is approximately the current of the load

device.

The easiest way to estimate 74 is to perform a transient analysis on computer. A
simulated output is shown in figure 2.21 for a five stage ring oscillator with inverter width
W of 10pum. The simulated stage delay of 74ps compares well with our measured ring
oscillator stage delay of 70ps. From the previous section, GBW; of an inverter is about
3.6GHz, and transistor fr is 9 QHz. Using these values, we find

fr = 2.5GBW; = % ' (2.28)

Equation 2.28 is only valid for the SiGMOS technology using one-one inverter design. In
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general, it is ‘necessary to know the DC transfer characteristics of the inverter before one
. l : ‘v
can work out the relationship between fr and 74 by using equation 2.27 and 2.19.



2.3 Single-Stage Active Shunt Feedback

The open loop amplifiers discussed in section 2.1 are suitable for some non-critical
on-chip applications. Unfort;xnately, their disadvantages (especially 1 and 2 in section 2.1)
render them useless in many situations. This section investigates the use of negative feed-
back around one gain stage to improve amplifier characteristics.

Negative feedback is widely used in amplifier design since it improves amplifier sta-
bility against temperature and processing variations, and extends amplifier bandwidth [7].
If the feedback elements are linear, such as resistors and capacitors, distortion in the
amplifier is also reduced. In this section we introduce an amplifier that employs non-
linear or active feedback to improve amplifier bandwidth and stability [10]. Linearity is
not our primary concern here because the assumed input signal is a binary digital
waveform with small amplitude. The amplifier can drive only on-chip capacitance and is
intended to be a part of a larger LSI system. Specifically, this amplifier is used as the
preamplifier of the high speed voltage comparator discussed in section 3.4.
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2.3.1 Single-Stage Feedback Configurations

Single-stage feedback, sometimes known as local feedback, is an important concept
in feedback amplifier design. One virtue of local feedback is that the amplifier is free
from oscillation problems because the feedback is applied locally and the phase shift
around the loop is much less than 180 degrees at ﬁeMdu where loop gain is larger
than one. In some multi-stage feedback amplifier designs [8], local feedback is embedded
within multiple feedback loops to improve phase margins and frequency response charac-
teristics.

Only two feedback configurations are possible around a single transistor. They are
the local series feedback and the local shunt feedback shown in figure 2.22. A local series
feedback stage functions as a transconductance amplifier because both its input and output

impedance are increase by the loop gain. From standard theory [7], overall transconduc-

tance G, is
io — 8ml .
Vs l"° T T+ Tsgtes (2.29)

where the series feedback loop gain is

Tseries = 8miRs

On the other hand, a local shunt feedback stage is a transresistance amplifier since the

loop gain serves to reduce both its input and output impedance.

-"e-l‘ z_‘_&l._ (2.30)
LA o

where the shunt feedback loop gain is

T = 8m2 (Rf | lRoZ) 7%; (R ol"er]

= _1 | |—1__
gm2Ro2 1+ 8m2Ro2 1+ SmlRt
8m2Ry 8miRo1
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One means of obtaining voltage gain is to use the local series feedback stage to drive
the local shunt feedback stage. This configuration minimizes interactions between the two
stages because the output impedance of the transconductance stage is high while the input

impedance of the transresistance stage is low. For such a cascade,

Vo _ - 8ml Ry .
Vo = TFere 13 10 2:31)
. Toum

If Tsries and Topme are much larger than one, the overall voltage gain of the amplifier
approaches %, and the amplifier response has all of the improved characteristics men-
tioned earlier from using linear negative feedback.

Unfortunately, this configuration suffers from three major problems in the SiGMOS
technology.

1. The series feedback loop gain T may not -be large, because in equation 2.29, gn
is small (80 mSmm). If we make R, large instead, voltage drop across R, becomes

too large. To demonstrate this, note that
Tseries = 8mRs >> 1
Together with equation 2.2, this implies

Idnank.r
[VGS- VT-0.45]

and therefore
Vs = IpaRs >> [Vgs—Vr—0.4S]

Since Vgs—Vr is 1.5V, Vs should be much larger than 1V in order for the series
feedback to be effective. In general, source degeneration in MOS is not as effective

as emitter degeneration in bipolar.
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2. The shunt feedback loop gain T,y is also relatively small, because the term g,,R, in -

equation 2.30 is approximately equal to g, [ropllragllg';)], which is about 4.5. If

we use typical values in equation 2.30, the calculated value for Tgg,y is about 1.

3. The fabrication of the resistors may contribute unnecessary complications to the
existing SiGMOS process, because thin film resistors of the right sheet resistivity are

not available.

Because of low loop gain factors, the amplifier gain does not approach %,t’ and a

better solution using active shunt feedback is proposed instead. In figure 2.23, transistor
M is the transconductance stage, transistor M3 together with feedback transistor My form

the second transresistance stage. The dc voltage gain is given by

Yo _ 8ml

—1
= o . (2.32)

1
1+ 7=

where T4, the loop gain of the transresistance stage, is
1
= Roill——
Ty 8m2R028nf[ °1"8 "

and R,) and R, are defined in equation 2.34. By expanding terms in equation 2.32, we
have

Ta = gm2Ro2{1 + (2.33)

Smlkol_"t ]
If T, is much larger than 1, dc voltage gain of the active shunt feedback configuration

should approach :—’:; Since the transconductances of two MOS devices fabricated in close

proximity are expected to track each other, the gain of the amplifier is stablized against
variations in temperature and processing conditions. By using active feedback, difficulties
1 and 3 mentioned above are solved, whereas problem 2 still exists but the situation is

slightly better. Comparing equation 2.32 to 2.30, we see that T, is larger than Ty, This
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is because the drain of M; is only loaded by R,) and not by Ry as in the former case. Sub-
stituting gmaR,2=4.56, gmiRo =4 and ff,%"li in equation 2.33 gives To=1.65. If we
used the same values in equation 2.30 and assume gnaRy=gmiRs=8, Toum=1.18.

Since Ty, is low, the temperature coefficient of the active shunt feedback amplifier is
only slightly better than that of the open loop amplifier. If better gain stability is needed,
the circuit should be improved to provide more loop gain. This approach is investigated in
section 2.4 where active shunt feedback around three stages is applied. ‘

In summary, the active shunt feedback amplifier has three advantages over an open
loop amplifier.
1. The dc gain can be controlled by the ratio %’:%,.which is set by the width of two

devices in the layout.

2. The open loop gain of the amplifier can be traded for bandwidth with the use of
feedback.

3.  Peaking response can be selectively introduced in a cascade of these feedback amplif-

iers to reduce gain-bandwidth shrinkage.



.46 -

2.3.2 Small Signal AC Analysis of Active Shunt Feedback

To analyze the frequency response of the active shunt feedback amplifier, refer to
the ac equivalent circuit in figure 2.24 where all important parasitic capacitances are
included. Replacing the transistors with their hybrid-w model, figure 2.25 is generated. If
we use the Y-parameter representation in figure 2.10 for transistor My, figure 2.25

reduces to figure 2.26, where
Cin = Cgs1+Cysoll (2.34)
C1= Cj1+Cygs2+Cyoi2
Cf = Cay+Casoir+Conr cgd,{zf Ce
C2= CM+sz+C3¢oy.

1
8miyf

Ro1 = ro)llrerll
and
Ro2 = 1ro2

The AC transfer function is given by

v |1‘%|
[} —_
20 = e (2.35)

0
MY
|
b
et L)
| S
[y
|
NS
| NSS4

where
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b= —L _c_1+_9;+£%19g4c,3,,+cﬂ"a]

8ml8m2 Ro2

LL 4 1 |1+
8ml 1+ 3mzRoz[ 8mfRol

)
Ll

and

8m2

zZ= -E'}'-
At low frequencies (s=0), the dc gain is

=41
G=< . (2.36)
gmf, 1 fip 1 )17
8nf 8m2Ro2 8mfRo1
which is identical to equation 2.32. The amplifier asymptotic bandwidth is defined as

w-VE @)

Y

L1 1 %
-+
) EryBm2 |1+ gm2Ro2 [1 8@1301]] {
LY A4
C1C2l1+ 1 + Cs
L. )
Combining equations 2.36 and 2.37, the normalized gain-bgndwidth product is

Voxsw ="V %— (2.38)
r \
= |&msm2 1 '
Ci€2 |4, %-&-% ’
k J

I -C-L and -Cl are much smaller than 1,
C C2

Voxsw =\ Enlind
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which implies that the amplifier normalized gain-bandwidth product approaches that of the
single-stage inverter (GBW}), and the speed performance of the amplifier has reached the

theoretical maximum for a two stage amplifier design.

In equation 2.35, the two quadratic roots in the denominator are given by

-b+ VZ‘I:Z-MC

pP2= (2.39)

The amplifier is stable as long as the poles stay in the left-half s-plane of the root locus
plot. In equation 2.35, coefficients a and b are always positive; therefore the real part of

P12, which is -'%, is negative. This implies the amplifier is unconditionally stable.

The root locus is plotted qualitatively in figure 2.27. As T, increases the two poles
become complex and move towards the jo axis, and as Cy increases, the poies move
towards the negative real axis following a semi-circular locus [11]. By controlling the
designed value of Cy, tile positions of the two complex poles can be adjusted such that the
amplifier can have different types of response functions. Some well known response func-

tions are the Bessel response, the Butterworth response and the Elliptic response.

Complete Circuit Implementation and Simulation Results

To illustrate the effects of active shunt. feedback, computer simulations are used to
evaluate the circuits shown in figure 2.28a and b. Each circuit is assumed to drive a capa-

citive load equal to its own input capacitance.

Figure 2.28a shows the complete schematics of the active shunt feedback amplifier
(referred to as ASF-amp), where transistor M3, M2 and My correspond to those in figure
2.23. M3—M, are depletion current sources to provide internal dc biasing. From simula-
tion results, no C. is needed to suppress peaking in the frequency response, therefore C,
equals 0 in equation 2.34. The simulated closed-loop frequency response of the ASF-amp

_is compared to its open-loop response in figure 2.29 (open-loop response is generated by
connecting the gate of My to a dc source instead of to the output) which clearly demon-
strates the effect of exchanging gain for bandwidth in the ASF-amp. The -3dB bandwidth
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Fig. 2.28b  Buffered active shunt feedback amplifier (BASF-amp).
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of the ASF-amp is extended to 1.7SGHz while the open-loop bandwidth is only 600MHz.
The simulated loop gain is 1.69 which is close to the value given by equation 2.33. The
simulated dc gain is 4.4. Since there are two gain stages in the ASF-amp, the normalized

gain-bandwidth product (G2°BW?>) is 3.6GHz which approaches the value of GBW of a
single-stage inverter (section 2.2.2). This result is predicted by equation 2.38 of the previ-
ous section. The amplifier has a -40dB per decade roll-o'ff at high frequencies and a
unity-gain frequency at 3.9GHz.

From equation 2.37, the ASF-amp bandwidth is inversely proportional to C; and C».
One way to reduce Cj and C3 is by using source followers to buffer loading capacitance
from the two high impedance nodes. This is illustrated in the circuit shown in figure ’2.28b
where transistors Mg—Mg are added to the original ASF-amp in figure 2.28a. The circuit
in 2.28b will be referred to as the Buffered Active Shunt Feedback amplifier or BASF-
amp. The penalty for adding source followers in the feedback loop is that the dc loop
gain is lowered. Similar to equation 2.32, the dc gain of the BASF-amp is given by

Yo _ 8m}{__ 1 __
:- 8]
Tpas
where

= _ 8m6Ro6 gmRo7 1
Tpas mhﬂoﬁmhf{&l"s "f]

The simulated result in figure 2.30 shows a slight improvement in bandwidth for the
BASF-amp over the ASF-amp. The -3dB bandwidfb is increased to 2.6GHz while the loop
gain is decreased to 1.13. The source follower buffers reduce the dc open-loop gain of the
BASF-amp to 8.15 but extends its open-loop bandwidth to 1.2GHz. The BASF-amp has a
high frequency roll-off greater than -40dB per decade and a unity-gain frequency at
3.8GHz. The simulated dc gain is 3.8. If we calculate the normalized gain-bandwidth pro-

duct with N=2, G2“BW,=5GH: which is larger than the GBW of the single-stage
inverter. The reason for this discrepancy is that the BASF-amp is really a four-stage
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amplifier ( since we have added two source followers ), and N should equal to 4 in nor-

malized gain-bandwidth product calculations which gives G4}BW4=3.66}1:.

The simulated dc transfer curves for the ASF-amp and the BASF-amp are plotted in
figure 2.31a and b respectively. The desired amplifier operating point is at
Vin=Vaa=2.5V. From simulated results, the two feedback amplifiers have the same input
capacitance at 2fF/um.

From these simulation results, it is clear that the SiGMOS technology can provide
wide-band amplifiers with low to moderate gain at frequencies up to 2GHz if active nega-
tive feedback is applied. Since the normalized GBW of the two amplifiers has approached
that of a single-stage inverter, the speed performance of these amplifiers has reached the

theoretical maximum.
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2.3.3 Noise Analysis of the Active Shunt Amplifier
This section will provide first order equations for the calculation of equivalent input

noise power density of the BASF-amp. In the MOS-IIT model of SPICE, the equivalent

transistor input thermal noise voltage is given by
V= 4k1'3—Af

where 4kT equals 1.66e-20 V-C. Referring to figure 2.28c, the total referred input noise

voltage is given by
Vl%qT = x"nzeqr + "zzagf (2.41)

where ;%,: is the equivalent amplifier input noise voltage due to the transistor M,. By
inspection, the noise contribution of each transistor to the total input noise is given by the

following set of equations.

v2q1 = v | | (2.42)

gmil
| 8mS

‘Vz%qG = ;E[Gcsl] -2
Vt%q7 = V?[Gcszajﬁal) -2

Vl%qs = Vg[ Gc:l]
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= _ 2| 8m7 -2
Vieg9 = "3 moﬁazcjﬁal

and

véq- = v} ?1’;0,31]
where G is the gain of the input common source stage with the negative feedback loop
disconnected at the gate of My, Gy is the gain of the source follower Mg, Gy is the gain

of the second inverter stage, and G is the gain of the output source follower stage. Gys

and Gy are given by equation 2.12. G2 is given by equation 2.1, and G is given by

T =
The above equations for circuit noise analysis were verified using computer simula-
tions. The circuit in figure 2.32 was used in the simulation where S0Q source and termina-
tion resistors were assumed. Figure 2.33 is the simulated circuit noise figure versus fre-
quency. A noise figure of 23dB is achieved at frequencies between 0.1GHz to 1GHz.
Table 2.4 is the Spice Noise Analysis output summary at 0.1GHz, which clearly shows
that the amplifier noise is dominated by noise generated in M) and M3. If it is necessary

to improve the amplifier noise performance, the width of transistor M) and M3 must be

increased such that the ;1- of those transistors is less than 50}, The ASF-amp has a

m
lower noise figure than the BASF-amp, because the added source followers in the BASF-
amp contribute noise to the signal. If the width of the transistors in the ASF-amp in figure
2.28a is increased by a factor of 100 the simulated amplifier noise figure is 6dB. This is
because the 500} termination resistor already contributes 3dB to the noise ﬁgﬁre. If a noise
figure of better than 3dB is desired, resistive shunt feedback at the input must be used

instead of the external 500 resistor to provide SOQ termination.
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0 FREQUENCY = 1.000d+08 1Z
Q¢see RESISTOR SQUARED NOISE VOLTAGES (SQ V/HZ)

RS REXT
OTOTAL 2.4384-10 2.4384-18

Qvese MOSFET SQUARED NOISE VOLTACES (SO V/HZ)

MiI M3 M6 M8 M4 M2 M7

CRD 5.761d-20 1.2984-20 9.744d-21 9.530d-21 1.593d-20 3.8584-21 9.071d-22
ORS 4.2963-18 3.516d-18 6.4254-19 6.592d-19 1.191d-18 9.758d-19 6.0014-20
01D 1.4324-16 1.372d-16 2.067d-17 2.084d-17 3.948d-17 3.774d-17 1.937d-18
OFN 4.300d-17 4.216d~17 6.580d-18 6.577d-18 1.185d-17 1.191d-17 6.1204-19

0TOTAL 1.906d-16 1.829d-16 2.791d=17 2.808d-17 5.254d-17 5.063d-17 2.610d-18

MO Mf M5

ORD 8.8734-22 7.563d-22 1.140d-21
CRS 6.105d-20 6.6364-20 7.8234-20
0lD 1.937d-16 1.829d-17-1.942d-17
OEN 6.1194-19 5.085d-18 6.188d-16

O0TOTAL 2.6112-18 2.344d-17 2.569d-17

g““ TOTAL OUTPUT NOISE VOLTACE
0 TRANSFER FUNCTION VALUE:
1.715d+00

0 V() VINAC .
0 QU VALENT INPUT NOISE AT VINAC 1.418d-08 /RT 12
1000006503/05/85 sesesses SPICE 2G.S (I0AUGBL) Soeeseese15;19:34000ee

$.918d4-16 SQ V/HZ
2.4334-08 V/RT HZ

Table 2.3 Spice Noise Analysis Output Summary ot 0.1GHz.
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2.4 Three-Stage Active Shunt Feedback Amplifier

In section 2.3.1, it was shown that the gain stability of the ASF-amp is only slightly
better than that of the open-loop amplifiers because the loop gain is low (T4=1.62). Loop
gain can be increased by either improving the gmr, of the transistors or by using more
than one gain stage in the feedback loop. Since g, cannot be increased without modify-

ing the process, we will examine multi-stage feedback in this section.

In bipolar technology, resistive feedback around three stages is not common among
wide-band amplifier designs because the high transistor gmr, may result in such large loop
gain that the amplifier becomes unstable or difficult to compensate. In section 2.4.1, a
three-stage feedback configuration is proposed which employs a MOS transistor as the
feedbaék element. Active feedback is chosen because well defined resistors of the
appropriate values are not readily available in a NMOS digital process. Computer simula-
tion results in section 2.4.2 suggest that dominant pole compensation is needed to suppress
peaking in the amplifier frequency response. This usually translates to lower amplifier
bandwidth. In some applications, the increase in gain stability may outweight the loss in

amplifier bandwidth.
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2.4.1 Three-Stage Active Shunt Feedback

The circuit configuration of a three-stage active shunt feedback amplifier (ASF3-
amp) is shown in figure 2.34. Transistor M, is the input transconductance stage, while
transistor M2—M4 together with feedback tramsistor My form the second tranresistance

stage. The dc gain of the amplifier is given by

. 4
Yo 8m} 1

—_— ———— L= .

vi 8nyf [1 Taf3] ) (2.43)

where

Tos3 = 8m2Ro28m3Ro3T.f."§%;%8nf (Rolnkd]

-1

= 8maRo4 1 1
ngRo?Zm3R03'i_"+8 Roa __8 R + SnfR»f
-_”Lgml 8mifvol
and
R, = reellrapll—
8mbD

Using the values from table A-1 in the appendix, g,,.1R01=gm3R,2=g,,3R03=g,,4R,4=4.5

and assuming -;—:';-=8, the calculated loop gain according to equation 2.43 is 8.3. This

value agrees with simulated results in figure 2.3 . The improved loop gain can stablize dc
gain of the ASF3-amp. Section 2.5 compares the gain sensitivity of the three types of

amplifiers mentioned thus far.
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2.4.2. Computer Simulations and Frequency Compensation

The complete circuit schematic of the ASF3-amp is shown in figure 2.35. Transistor
M1—-M4 and My correspond to those in figure 2.34, and all other transistors are depletion
current sources for dc biasing. A compensation capacitor C. is needed to suppress peak-
ing in the frequency response. Since there are three gain stages, the system transfer func-
tion should have three poles. Assuming the amplifier is driving its own input capacitance,

we use computer simulation to obtain the amplifier frequency response.

Figure 2.36 again shows the familiar gain-bandwidth-trade-off property of negative
feedback amplifiers. The -3dB bandwidth of the ASF3-amp is extended to 925MHz, while
the open-loop response of the same amplifier has only SOMHz of bandwidth. Open-loop
response is obtained by connecting the gate of My to a dc vc'>ltage source in figure 2.35.
Both the -3dB and the unity-gain frequency of the ASF3-amp are lower than that of the
single-stage shunt feedback amplifier of the previous section. This loss of bandwidth is
compensated with an increase in loop gain which translates to an amplifier with better
gain stability. In Some situations, gain stability requirements may outweight the need for
maximum frequency response. To demonstrate the increase in gain stability, a sequence of
simulations were performed by varying the gain of the inverter (gmR,) by +10%. Simu-
lated dc gain of the ASF3-amp in figure 2.37 changes roughly by +2.5%. Therefore the
gain sensitivity of ASF3-amp to gnR, is 0.25.

The compensation scheme used in this amplifier is similar to the pole-splitting com-
pensation used in conventional operational amplifiers. A single dominant pole is created
inside the loop at the gate of M3. The designa& value of C. is 120fF, and the frequency
response peaks by 0.4dB before a -30dB roll-off at high frequencies. If the value of C. is
varied by £25%, peaking of the response would not exceed 1.2dB (refer to figure 2.38).
In practicé, the control of C, is better than +25%. |
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2.5 Sensitivity Analysis and Conclusion

In this chapter, we have considered three types of wide-band amplifiers. They are
the‘o.pen-loop amplifiers in section 2.1 (Inverter and CD-CS cascade), the single-stage
active shunt feedback amplifiers in section 2.3 (ASF-amp and BASF-amp), and the three-
stage active shunt feedback amplifier in section 2.4 (ASF3-amp). Before comparing the
performance of these amplifiers, let us first examine their dc gain sensitivities to variations

in temperature and processing.

As temperature is increased from 23 to 100 degrees C, the méasnred device g is
decreased by 20% and device r, is increased by 13%. Therefore transistor g,r, decreases
by about 6% in this temperature range. Besides temperature variations, device g,
changes due to process variations. From lot to lot, g,,r, varies by as much as £15%. This
variation is mainly due to changes in device channel length. This figure is expected to
reduce as photolithographic control is improved in the future.

The dc gain of the inverter is given by equation 2.1 and is repeated here as

Giv = 8mRo (2.44)
where

1
8mbD

R, = rogllrapl|

The sensitivity of Gy, to gmR, is defined as

3Gy -

G Gim
Sgx, = e (2.45)

8mRo

(1
[
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The dc gain of the ASF-amp is given by equation 2.32. To calculate the gain sensi-
tivity of the ASF-amp with respect to loop-gain variations, we differentiate equation 2.32

with respect to T,;. After rearranging terms, we have
sy = 1 (2.45)
i C2
If we neglect loading effects in the feedback loop, Tgs= (3,,,)2,]2, thergfore the sensitivity
of T4 tO ngo is
sT [l

Combining equations 2.45 and 2.46, 'the amplifier gain sensitivity to variations in guR,,

G ~ 2
SR, P = -(——]— 2.47

Similarly, we can use equation 2.40 and 2.43 to calculate the gain sensitivities of the

BASF-amp and the ASF3-amp respectively. Using equation 2.40 and assuming no loading
effects in the feedback loop, Tpyu= (g,,.Ro)z. Overall gain sensitivity to g,R, of the

BASF-amp is

o - 2
SCg-op = 2.48
8 [1+ T (2.48)

Applying similar assumptions to equation 2.43,

G, ~ 3
S ﬂ? e -(—)- 2.49

Since Tq3 is larger than T, and Ty, the ASF3-amp has the Jowest gain sensitivity among

the four amplifiers.
If loading effects are important, we can evaluate equation 2.1, 2.32, 2.40 and 2.43
directly as function of g,R,. The four equations are plotted in figure 2.39 where i—:’;=8

is assumed. Notice that the calculated amplifier gain at g,R0=4.5 agrees well with the
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simulated results in section 2.3 and 2.4. Using numerical differentiation, the sensitivities
of the three amplifiers are plotted in figure 2.40 versus g,R,. Since our inverter gain is
4.5, the sensitivities of the Inverter, the ASF-amp, the BASF-amp and the ASF3-amp to
gmR, are 1, 0.58, 0.9 and 0.2 respectively.

Table 2.4 summarizes the performance of the four amplifiers. Each amplifier has its
advantage over the others. For example, the Inverter has the lowest power consumption
because it has only a single stage. The -3dB bandwidth of the BASF-amp is highest among
the four amplifiers at 2.6GHz. The gain sensitivity of the ASF3-amp is lowest among the
different designs, but the normalized gain-bandwidth product is only 1.77GHz. This is
because frequency compensation is required for the ASF3-amp. The normalized gain-
bandwidth products of the ASF-amp and the BASF-amp are equal to the GBW of the
single-stage inverter.

The choice of which amplifier topology to use ultimately depends on the application.
In chapter 3, where we consider the design of high-speed voltage comparators, a pream-
plifier is needed with the highest possible bandwidth but only moderate gain stability.
From table 2.4, the BASF-amp seems suitable for such an application. Indeed, it will be
shown in chapter 3 that the comparator which incorporates the BASF-amp design in its

preamplifier has the highest speed performance.
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L G
Gain |BW (cHz) | GV*BW S gmRo

Inverter 4.5 0.8 3.6 1

ASF—amp | 4.4 1.7 3.6 0.6

BASF—amp | 3.8 2.6 3.6 0.9

AsF3-amp | 7.2 | 0983 | 1.7 | 0.2

#N=1 for inverter, N=2 for ASF~amp, Nm4 for BASF=omp, N=3 for ASF3—-amp.

Table 2.4 Summary of Amplifier Performances.
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Chapter 3 High Speed Voltage Comparators

This chapter focuses on the design of high-speed voltage comparators in the SiGMOS
technology. The comparators discussed here are appliéable to flash A/D converters and to
optical repeaters. Some applications require a comparator with the highest comparison
rate, while othefs require a comparator with the shortest delay. A design that achieves
high comparison rate may not be the one that gives the shortest possible delay, and vice
versa. Since there is no design theory or principle in today’s literatures that deals with
high-speed voltage comparators in general, this chapter approaches the problem by analyz-
ing four basic comparator configurations. Most existing eomfmators should fall into one
of these four categories. For each configuration, a first order analysis of the dynamic‘
behavior of the circuit is presented. This analysis generates useful design equations and
curves which are used to optimize the comparator performance. In order to compare the
performance of each configuration, optimized design examples based on the four confi-
gurations are simulated using SPICE with a worst-case input waveform - the previous
sample is always driven to the negative full-scale input voltage —Vy while the present
sample is either +31mV or -31mV (%isb) around the reference voltage. This input is

equivalent to 6 bits of input resolution.

Section 3.1 discusses the design and the non-idealities of the MOS input sample-and-
hold. Section 3.2 investigates the simplest comparator configuration - a cascade of open-
loop amplifiers. Although this configuration is straight forward, its analysis is complicated
by the fact that the initial conditions are large signals and the problem cannot be assumed
linear. A non-linear simulation program that gives useful design informatidm about this
configuration is described in section 3.2.1. In section 3.3, the comparator configuration
presented in section 3.2 is modified by using MOS switches to reset the node voltages to
zero in every clock cycle. In this case, the zero-state response can be obtained by Laplace
transforms. Closed form solutions are derived for the two cases where the gain per stage
is either finite or infinite. In section 3.4, a comparator configuration based on pipelined
processing is described. Here, real-time delay§ are traded for high comparison rate.
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Section 3.5 presents an analysis of a simple MOS latched comparator which is similar in
configuration to the popular latched comparator in bipolar technology [30]. Two iﬁproved
designs relying on the positive feedback regeneration in the latch are then described.

Finally, section 3.6 summarizes the performance of the different comparators.



-74 .

3.1 Input Sample-and-Hold

The function of a comparator is to decide whether its input signal is positive or nega-
tive with respect to some reference at a given instant in time. Most comparators use an
input sample-and-hold (S/H) to sample the input waveform at a time defined by a clock
and to hold the sampled value long enough for the comparator to make its decision. S/H is
commonly used in digital signal processors with an A/D converter to digitize analog

waveforms and in discrete-time analog systems such as switched-capacitor filters.

An ideal S/H samples the instantaneous value of the input waveform. Typical
waveforms of an ideal S/H are depicted in figure 3.1. An ideal S/H can be implemented
by a multiplier with one of its inputs driven by a comb of delta functions. The problem
with this approach is that the comb of delta functions is hard to generate at high frequen-
cies. In practice, two track-and-hold (7/H) circuits connected in series function as an ideal
S/H, as illustrated by the waveforms in figure 3.2. Each T/H consists of an ideal switch,
a capacitor and a unity-gain output buffer. The switches are toégled by two square pulses
of 50% duty cycle. When ¢, is high, V,; tracks the input waveform, and when ¢; is low,
Vo1 is held at the previous level. Notice that V,; is the output waveform of an ideal S/H

shown in figure 3.1.

MOS technology is well suited to implementing a fast T/H. First, the gkte of a MOS
transistor is capacitive and charge can be stored at the gate node. The output voltage can
be held for a longer time without significant droop. Secondly, a MOS transistor acts like a

voltage switch with zero offset. Non-idealities of the MOS transistor such as %— noise,

charge injection, clock coupling, and finite on-resistance limit the ultimate resolution and
sampling rate of the MOS T/H.

Using half-circuit representation, non-idealities are analyzed and design equations are
presented in section 3.1.1 for a differential MOS T/H. A design example of a 6-bit MOS
T/H then follows in section 3.1.2. The maximum sampling rate of this T/H is 1 GS/s which

is an order of magnitude faster than existing MOS S/H circuits.
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Fig. 3.2 A MOS sample-and-hold which consists of two MOS track-and-hold.
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3.1.1 Non-Idealities of A Differential MOS T/H.

The effect of clock coupling and charge injection in MOS circuits can be reduced
most effaétively by using differential circuits [15]. In this section, we consider the -dcsign
of the the differential 7/H shown in figure 3.3. In this circuit, when ¢; is high the dif-
ferential voltage across the input of the differential pair tracks Vi —Vny. At the falling
edge of ¢;, the input is sampled onto a pair of matching capacitors C; and C3. The sam-
pled value is held constant when $1 is low. The differential pair in figure 3.3 can be the
input stage of a comparator. The limitations on the performance of this circuit are as fol-

lows.

% noise

To analyze the effect of Lg— noise, refer to the differential-mode half-circuit in figure

3.5 where Cgay is the differential capacitance seen by M; and M3 ( refer to equation 3.11).
When a MOS switch is turned on, the resistance across its drain and source is finite. The
thermal noise of the channel resistance R, is sampled onto the capacitor at the falling
. edge of the clock. The variance of this noise, according to [16], is

iumd,ln(inlzdf =& (3.1)

where

o 1
BUN = 13757 RaCar 3.2)

Since its variance is independent of R, this noise is commonly referred to as KCT. noise.

The resolution of the MOS T/H is ultimately limited by this noise component. The
-root-mean-square value of the -kg- noise must be less than the expected resolution of the

comparator (V). In terms of the number-of-bits B and assuming 2V full scale, we have

[-C’%] ‘5‘521-3 (3.3)
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At room temperature, kT=4.15¢-21; therefore
B = 34.85 + 1.66l0g(Can) ] 3.9)

Equation 3.4 relates the size of the sampling capacitor to the resolution of the T/H. For

example if Can xs 60fF, —=- AT poise would limit the resolution of the T/H to about 13 bits.

Charge Injection ﬁd Clock Coupling

If M), M3 and C; in figure 3.3 are perfectly matched to M2, M4 and C3 respectively,
then to the first order, charge injection and clock coupling from the two MOS switches
will not affect the resolution of the 7/H. The clock that drives the T/ in figure 3.3 is a
periodic pulse train that oscillates between Vg and V; with a 50% duty cycle. When by is
high, V1=V and V2=V,4. As $; goes low, both channel-charge injection and clock cou-
pling occur. The problem is best analyzed using the concept of equivalent half-circuit.

The common-mode half-circuits of the 7/H before and aftei; the clock transition are

shown in figure 3.4. In figure 3.4, the initial common-mode voltage at the output is

= Lozl (3.5)
the common-mc;de channe] charge is
2em = CanX\VH=Vemi=VT) . (3.6)
and the common-mode capacitance seen by the two MOS switches is
Con = C12+ Coty e

Assuming the worst condition, where the clock fall time is much less than R:;Car,, half of
gon is injected into the output nodes as common-mode signal. The final common-mode

voltage at the output is

Vory = —BmtL Ca +C g Va—V1)- m[v’ oL - V] (3.8)
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In equation 3.8, the second and third term represent a common-mode voltage shift due to
clock coupling and channel charge injection respectively. This shift of common-mode vol-

tage degrades the common-mode range of the comparator.

If the transistor and capacitors are perfectly matched, the differential-mode half-
circuits before and after the clock transition are shown in figure 3.5. The initial
differential-mode voltage at the output is

Vani = Vin=Vrgs (3.9)
the differential charge stored in the channel is

9dn = CanVim (3.10)
and the differential capacitance seen by the switches is

Cin = C12+Copys+ Caonit Coay {1+A) . (3.11)
where A is the voltage gain of the di'fferential pair M3 4. The final output differential vol-
tage is

Vamy = (Vin=Vref) [1+ -%‘% - : (3.12)

The second term in equation 3.12 represents an error in the gain of the 7/H. Gain error
can be easily compensated for and is not a serious problem in A/D and comparator appli-

cations.

If the transistors and the capacitors in figure 3.4 are not perfectly matched, error

introduced by charge injection and clock coupling can be modeled as a dc offset voltage in
series with the T/H outputs. If the capacitances are mismatched by -ATC-%, the worst-cast

offset voltage is

Co:(VH-VL) AC] &1(_"'2%&5"_7)[ 4AC ] (3.13)

This offset voltage is reduced by making Cgy large which in turn slows down the
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acquisition time of the T/H. In practice, it is the matching of components that limits the

resolution and the sampling rate of the T/H.

Channel Resistance and Acquisition Time.

Acquisition time of the 7/H determines the maximum sampling rate of the T7/H. The

worst situation occurs when the previous sample equals the full scale voltage --VQE and

the present sample equals to one Ish larger than the reference voltage which is at +!f-.

The acquisition time of a T/H is the time for the output to acquire a differential voltage
equal to kVp where k is less than 1 but larger than 0.707 (corresponding the gain of the
T/H at the -3dB sampling frequency) when the initial differential voltage across the capa-
citor Cgn is —Vy and the present differential input being sampled equals V4. For a T/H

with resolution of B bits
Vigp = VﬁZ'B (3.14)

Referring to the differential-mode half-circuit in ﬁgurc_: 3.5, the differential output voltage

is

vam(t) = Vig+ !2‘& = (Vi +Vgyexp [— Rdn‘cdn ] (3.15)

The channel resistance is given by

1
Rch = 3 ~ (3.16)
l‘-ocax“{' (Vg.r' V1)

The acquisition time is

Vig+V
e = RerConn [ﬁ(ﬁ%l @.17)

Together with equation 3.14, and assuming V=2V

tac = RcnCan[0.693B—In(1—-k)] (3.18)
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If B=6 and k=0.9, equation 3.16 gives 1,,=6.46R4C4sn. Equation 3.18 relates the small

signal bandwidth of the T/H (FR;_CE;) to the worst case acquisition time.
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3.1.2 Design Example - A 6-bit 1GS/s T/H

Based on the equations derived in the previous section, a high-spced track-and-hold
circuit capable of 6-bit resolution and 1 GS/s sampling rate has been designed. Computer
simulation is used to verify the performance and the design equations used.

In the MOS T/H of figure 3.3. The width of transistor M3 and M4 is 10um and the
size of C12 is 30fF. According to equation 3.7 and 3.11, Coy and Cay is about 30fF and

60fF respectively. From equation 3.4, —kg..— noise is seen to limit the resolution of this 7/H
to about 13 bits and this is not a concern in this design.

Since the intended sampling rate of the 7/H is 1GS/s and the assumed clock rise and
fall times are 150ps, the worst-case acquisition time of the T/H must be less than 350ps.
From equation 3.18, the small signal bandwidth of the T/H is

1 =
m = 2.93GH:

Together with equation 3.16 with Vg, —Vr=2.5V and L=1, the width of switch M1 and M>
should be 6um resulting in R<=9000. The common-mode voltage shift is 0.4V (from
equation 3.8) and the differential-mcde gain error is 1.09 (from equation 3.12).. Finally,
"using equation 3.13, the worst cast offset voltage due to capacitive mismatch is 35mV if

-A—Cg-=0.03. To improve offset voltage, the size of C12 can be increased, but this in turn

will reduce the maximum sampling rate of the T/H.

To verify the above design, SPICE [12] has been used to simulated the ac and the
transient response of the T/H. Figure 3.6 is the simulated small signal ac résponse of the
T/H where Vpy=V;,=1V and the clock input is at Vy=3.5V. In this simulation
C12=30fF, W3 4=10um and W1 is varied from 2um to 10um at 2um per step increment.
For the T/H with W;2=6um, the -3dB bandwidth is 3.6GHz, which is higher than the
required bandwidth of 2.93GHz.
| Shown in figures 3.7 and 3.8 are the simulated transient responses of the common-

mode and differential-mcde output voltage, respectively. In these simulation the clock fre-
quency is SOOMHz with Vxg=3.5V and V;=-1.5V. Clock waveform is also included in
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figure 3.7. The common-mode voltage shift is 0.36V and the differential-mode gain error
is about, 1.18 which is higher than the prediction given by equation 3.12. The acquisition
time is about 500ps (including clock rise-time); therefore the maximum sampling rate is
1GHz. In general, the design equations in the previous section are accurate enough to esti-

mate the performance of the T/H.
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3.2 Comparator I - Cascade of Open Loop Amplifiers

Let us first consider the simplest voltage comparator configuration, namely a cascade
of differential open-lcop amplifiers as shown in figure 3.9. A similar comparator design in
MOS was used in a voice-frequency PCM CODEC [17]. This comparator configuration is
not the fastest considred in this chapter because its speed performance is limited by the
overdrive recovery time of the entire cascade. Nevertheless, an understanding of the vari-

ous trade-off in this configuration gives insights to comparator design in general.

The small signal ac equivalent circuit of figure 3.9 is shown in figure 3.10. The
equivalent circuit of bipolar comparators that employ open-loop amplifiers [18,19] is simi-
lar to figure 3.10. Most commercial comparators (i.e. [37]) are uncompensated opera-
tional amplifiers with two stages of open loop gain. In general, the analysis presented in

this section applies equally well to bipolar comparator design.

The circuit of figure 3.9 is fully differential and the common-mode rejection ratio of
the differential pairs is assumed to be infinite. If all voltage levels considered in this sec-
.tion are within the common-mode range of the differential pairs, we only need to consider
differential signals. If it is not stated specifically, all voltages referred to in this section are
differential quantities.

The input of the comparator is driven by an input T/H which defines the instant of
comparison and holds the sampled signal long enough for the comparator to make its deci-
sion. To simplify hand calculations, we assume that the 7/H has infinite bandwidth and its
acquisition time approaches zero. Under this assumption, the worst-case comparator
delay () is the time required by the comparator to éstablish a large signal voltage at its
output (+Vins) when its input is first over driven to the negative full-scale voltage (—Vg)
at 7o- and then driven to a voltage (Vi) equals to the expected resolution of the compara-
tor at time tg+, where o+ — 19— - 0. If the comparator is used to directly drive MOS logic
gates, Vjny should equal 5V. Given the equivalent input resolution in terms of the
number of bits B, Vg is related to Vg by
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Visp = Vf_,Z-B (3.19)

The number of stages N and the gain per stage g,,R are left asbvariablu. R is the output
resistance of the differential pair. Given B, Vg and Vpu, what number of stages N and
gain per stage g,,R give minimum ¢.?

To state the problem more concisely and to define the terms in this section:
For the comparator configuration shown in figure 3.9, system constants are as follow:
1 Vgng = 5V (final output voltage large enocugh to drive digital logic),
2 Vg = 2V (full scale input voltage, which is s limited by common mode range of the

input differential pair), and

3 22 = 27 x 3.65% 10 (gain-bandwidth-product for the SIGMOS technology).

The variables of the problem are:

1 B e integer[1,2,....,16] (input resolution in term of number of bit),

2  gmR e real[1,»] (gain per stage),

3 N cinteger(l,.....,20] (number of stage), and

4  V,(0) € real where neN (initial condition).

For all possible values of the above variables, we need to find the following unknowns,
1 Vu(¢), the output waveform of stage n

2 t(n), the time at which V,(£)= Vna.
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3.2.1 Transient Analysis

For the configuration in figure 3.9, the comparator is first driven to ~Vp at time
to- Therefore the initial conditions of the N capacitors are not zero. Furthermore, the ini-
tial conditions are large signals and the system can not be assumed linear. Consequently,
no close form solution exists for 1.(n) and Vy(t).

The transient analysis in SPICE could be used to simulate the complete response of
the comparator accurately. However to find the optimum N and g.R, it is necessary to
iterate for different values of N, gnR, and B, and this requires excessive computer time.
Therefore the computer program listed in appendix A-5 was written to provide transient
analyses of the circuit in figure 3.9. The program is written in Basic for the HP-9836 per-
sonnel coﬁxputer.

Referring to figure 3.10, the nodal equation at the output node of the nth stage in
the comparator is simply

c D) = gV s()-Vaild (3.20)
where V,(¢) is the differential voltage across the outputs of the nth stage. After integrating

both sides and rearranging terms,

Va(t) = —é".i [SMVn-l(")" %Q]df..*'vn@)

A discrete time version of the above equation is
Va(k
ValT) = —évgb[smv,-l(k)--";ﬁ—’]AHV..(O)

= Var-1)+% g,.v..-l(r)-ﬁg—’]u
where kXAT=t. Solving for V,(T)

Va(T=1)+ SVa-1(T)AT

Va(T) =
1+

3.21)

i
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If all initial conditions are set to -5V (V,(0)=-S5 for all n), and the input is constant
for T>0 (Vo(T)=Vy for all T), equation 3.21 Q;I be evalﬁated directly for all values of n
and T. The program listed in appendix A-5 (referred to as program A-S5) calculates
Va(T) using two nested do loops with T as the first index and n as the second index. To
include the effect of clipping caused by nonlinearities and power supply at output nodes,
the following conditions are imposed inside the do loops.

1 I Vo(T)=Vfna, then Vo(T)=Vgna.
2 I V,(T)=<V,(0), then V,,(T)=V,#(0).

For the MOS differential pair in figure 3.9, the output resistance R is not linear for
the voltage range of concern. As shown in appendix A-1 (figure A-3), R can be modeled

by a Gaussian function with 0V mean and 3.5V standard deviation. The large signal out-

put resistance is

) ,
R;=R exp [- %_ [!g-(?] ] ' (3.22)
where

_ 1
R= S S
"oa”"on" S

rop and ro, are the small signal output resistance of the enhancement and the depletion
transistor,respectively, and gmuy, is the backgate transconductance of the depletion transis-
tor. Their measured values are-listed in table A-1 in appendix A-1. R; is substituted fér
R in equation 3.21. Equation 3.19 to 3.22 summarize the implementation of
program A—S5. If we use this program to simulate transient response of a bipolar compara-
tor with an open-loop configuration, Vg and V,(0) would typically equal +1V and -1V
respectively (ECL levels), while R; would be the linear load resistor.



-93-

+6.8E+32
1.IO3ns
N
+3.6E+032
S ,—”"‘-—-—
.2ee23 '
2 * [ 14
<
c Z /
> -1.2E+20 / y y s/j179
/ |l
-3.6E+32
A A AL/
— - s -z ” 4
-G.BEOaB.Bx’w 4,.0€-10 O.K-IB. Al.tE-NA 1.6E-09 2.0e-29 )
TIME (sec)
Fig. 3.11 Simulated step response of the comparator in figure 3.9 using
program A —5 with B=86, V”(0)=—5V and ¢ R=4.5. .
m
+5.0E+80
2.65ps
LYY —
+3.6E+80
!’/
3 +1.2E+82 .
- vn(t)
€ Tt // 2//
>  -1.zee00 p—14 13- 11
/ / /-
4 /U]l
A AT XA
A AN
e x-S7e 6.0€-10 1.26-9 16508 2.4E-@9 3.0€-29
TIME (sec)
Fig. 3.12 Simulated step response of the comparator in figure 3.9 using

program A—5 with B=10, Vn(0)=—-5V and ng=4.5.



-94.

Simulation and Interpretation

Using program A—S, Vy(t) is plotted in figure 3.11 where n ranges from 1 to 9. In
figure 3.11, B=6, and g,R=4.5. In figure 3.18, SPICE is used to simulate V,(r) with
results in good agreement with figure-3.11. The output of the sixth stage reached SV in
1.45ns. The output of stages one tixrough four never reached Vpay because of the small
gmR. For n higher than 6, V,(7) is a constant delay of its input V,-(t), and the delay is
about 60ps. This delay is equivalent to the ring oscillator delay discussed in section 2.2.
The comparator delay ¢ is the time for V, to reach Vgay. Therefore t.(n) is infinite for
n<$, has a minimum at n=6, and ﬁcrmu ata 60p§ln rate for n>6. ¢.(n) can be simu-
lated for any combinations of B and g,R. In figure 3.12, only B is changed (to 10). For
this case, f(n) has a minimum at n=8 and #,(8)=2.65ns.

In figure 3.13 t.(n) is plotted for various values of B while g,R is fixed at 4.5. For
a given B, there exists a minimum r.(n) which corresponds to the optimum design in
terms of the number of stages () required to provide minimum comparator delay.
When a minimum in ¢.(n) is detected, program A—S5 prints the current value of B at the
location of the local minimum. Since in the SiGMOS technology, the voltage gain of a
one-one inverter is determined by device gmr, and cannot be varied easily, figure 3.13
gives an overview of the delay performance for the comparator in figure 3.9. Based on

only dc considerations, the relationship for the minimum number of stages nyy required is

Vfina S 5 (gnR)™=

Thus
log x‘t}ﬂzﬂ
Bmin = oF (3.23)
From figure 3.13,
ot = Rppin+3 (3.24)

and equation 3.24 can be used as a rule of thumb if g,R=4.5.
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To this point, we have fixed g,R to 4.5, and allowed only n and B to vary when. To
determine the optimun gain per stage, gnR is allowed to change in the program. Figure
3.14 is a plot of 7,(n) for various values of g,R while B is fixed. For a comparator with
6-bit resolution, the optimal design for this configuration is N=8 and g,R=3 (assuming
gnR can be changed at will). The comparator delay for this design is 1.37ns, which
represents a 10% improvement over the design with n=6 and g,,R=4.5. Figure 3.15 plots
the same information as figure 3.14, but for B=10. Again optimum g,R is 3, and
Rox=10.

Since the initial conditions are not zero at time ¢, the speed performance of this type
of comparator is limited by the overdrive recovery time of the cascade of differential
pairs. Referring to figure 3.10, the charge stored on the capacitor C is initially discharged
through the resistor R (when V,-1(1)=0), therefore-overdrive recovery time is propor-
tional to the RC time constant at the output nodes (or equivaleatly to gnR). As gnR
approaches unity, nmin in equation 3.23 approaches infinity. This means as g,,R becomes
smaller, the number of stage increases, 1.(»,gnR) increases, and a minimum exists for

te(n,gmR). According to simulations this minimum occurs at g,R=3.

It will be shown in section 3.2 that if we reset the initial conditions to 0 before apply-
ing Visp to the inputs, the comparator delay will be fastest when gnR=0,
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3.2.2 Design Example - A 6-bit Open-Loop Comparator.

In this section, we present the design of a 6-bit comparator and its performance in
terms of comparison rate and phase margin. The design with g,,.R=4.S and n=6 is con-

sidered, although it is not quite optimum, because the gain of an one-one inverter is 4.5.

Figure 3,16 shows the comiplete schematic of a 6-bit comparator. It consists of six
differential pairs with three common-mode feedback loops to control the common-mode
voltages of the outputs. Input signal is sampled at the falling edge of ¢; by the input T/H.
Two D flip-flops then sample the comparator outputs at the falling edge of ¢2. The posi-
tive and negative supplies are +5v and -5V respectively. For reliability reasons, circuit
design has to ensure that no single transistor has more than 5V appearing across its drain
and source even when the differential pairs are over-driven at the inputs. Common-mode

feedback is used in this design to
1  set up output common-mode voltage under small signal input and
2 limit output voltage swing to 5V under large-signal input.

The simulated dc transfer curve of two differential pairs is given in figure 3.17. It clearly
shows that the input-output common-mode voltage is stablized at 2.5V while the large sig-
nal output voltage swing is limited to 5.5V. If common-mode feedback is not applied, the
output voltage swing could be as large as 7V.

The transient analysis in SPICE is used to verify the accuracy of the results produced
by program A-S5. Figure 3.18 is the SPICE output showing V,(t), which is close to the
results given in figure 3.11. The input is a pulse waveform with a -2V initial condition, a
10095 rise-time and a +31.25mV V;g. The SPICE simulated worst-case comparator delay

is about 1.55ns.

Decislon Circuit in Data Transmission System

So far we have only examined the time required for a cascade of open-loop inverters
to produce a digital signal (Vz.g=5V) at its outputs when its input is driven by a pulse
.waveform. Let us now consider applying the comparator in figure 3.16 to data transmis-

sion systems.
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The function of a decision circuit in data transmission is to decide whetlm‘f the input
is larger than or smaller than a reference voltage, corresponding to the transmission of an
1 or a 0. Figure 3.19 depicts the received data train (0,1,0,1,etc) after ampliﬁéaﬁon and
automatic-gain-control with no added noise and no phase error with respect to the clock
shown. Usually a low-pass filter is used to remove high-frequency noise from the
transmission channel and to reduce intersymbol interference [20]. However, low-frequency
noise is always present and a typical input waveform seen by the decision circuit is also
shown in figure 3.19. Besides low-frequency noise, a phase error that approaches -120
degree is assumed in figure 3.19. This input waveform represents the most demanding

situation for both the input 7/H and the comparator.

SPICE is used to simulate the transient response of the comparator for the worst-case
input. The clock and the input waveform used in the simulation are plotted in figure
3.20a. Here the input resembles the one in figure 3.19 where a minimum overdrive of
31.25mV and a phase error of -120 degree is presumed. Since the clock has 50% duty

cycle, the hold time of the T/H (thu) equals -2}- where f. is the sampling rate. For the
. [
worst-case input, 4=t +t.aq in order for the comparator to function properly. tg,cx is

the rise-fall time of the clock. Therefore the maximum sampling rate for this comparator

1 .
fe= M) ¢2)

= 300MS/s

Simulated output voltages V,(t) are plotted in figure 3.20b. Notice that Vg(t) just barely
reaches +5V at the falling edge of ¢2 when the input is over driven by £31mV.

In the above simulation, we deliberately included an input phase error of -120 degree
'lwith respect to the clock to demonstrate the worst-case situation. If there.is no phase error
in the input, the comparator employs the entire clock period (instead of just #) to
amplify the input. In that case, the sampling rate is
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fe= et telock

= 600MS/s

If the comparator is designed for data transmission system, its sampling rate is the
parameter to maximize because it limits the data rate of the transmission system. However
the comparator delay, which is the time between the sampling instant (falling edge of ¢;)
and the time when the output reaches Vj,y, is not important to the performance of the
transmission system. On the other hand, if this comparator is used in a feedback system
such as successive approximation A/D converters, delta-mcdulation, etc, real-time delays
through the comparator becomes the most significant factor. The comparator delay of this

design is about 1.5ns.

In this design, we have not accounted for the effects of offset voltages of the dif-
ferential pairs. If the system requires an offset voltage less than Vi then this design is

only limited to low resolution applications. The input-referred offset voltage is

v,
Vo = Vay+ 3 E,.RL;'FT (3.26)

where V,, is the offset voltage due to mismatches in the input 7/H as given by equation
3.13 and V, is the offset voitage of the kth differential pair. Since the offset voltage of a
MOS differential pair is about 15mV, this design would not perform well in high resolu-
tion applications, i.e. B>6. Offset cancellation and self-calibration techniques can be used
to reduce the effect of offset voltages. Self-calibration is preferred over offset cancellation
An high-frequency applications since the latter usually slows down the comparator acquisi-
tion time. This chapter does not discuss the different self-calibration schemes and assumes

that the input reference voltage Vs can be adjusted to include the effective offset voltage.
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3.3 Comparator II - Cascade of Open Loop Amplifiers with Reset

In section 3.2, we have investigated the delay of a cascade of open-loop amplifiers.
In this case, the comparator delay is dominated by the over-drive recovery time of the cas-
cade because initial conditions on the gafe capacitors are not zero. Since a MOS transistor
can function like an ideal switch, it can be used to reset the initial conditions to zero
before applying the input sample. In this section we show that the comparator delay is
improved by employing reset-switches as in either figure 3.21a or b.

Because a voltage switch is not available in bipolar technology, the concept of reset-
ting the amplifiers for improved speed performance has not'i:een used in a bipolar com-
parator. In MOS technology, switch-reset was proposed by Yee and Terman in 1978 in a
single-ended desién [21]. Since then, many comparators based on the original design were
used in A/D converters [22-25]. Figure 3.21c reproduces the comparator circuit of a
25MH:z flash A/D [22]. The single-en.ded approach of this design has many problems espe-
cially in high-speed applications. '

1 C; and C; in figure 3.21c are coupling capacitors. Although these coupling capacitors
are not charged and discharged during the comparison cycles, they always introduce

a long settling component in the transient response. The corresponding bottom plate

capacitors Cp and Cp; also increase the capacitive loading at the output nodes. These

effects can significantly reduce the speed of the comparator.

2  Charge injection and clock coupling from the reset-switches (¢; and ¢2) can limit the
resolution of the comparator. A complicated clocking scheme is necessary to reduce
these effects. The clock waveforms shown in figure 3.21c are difficult to generate at
high frequencies.

In light of the above problems, a fully differential design in CMOS was proposed by

Allstot [26].

No existing literature discusses the design philosophies and the speed trade-off of this

type of open-—loop comparator with reset. For example, the comparators in [23], [24],
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[21], [25] and [26] have one, two, three, four, and five gain stages respectively. In section
3.3.1, a generalized transient analysis is performed on the circuit in figure 3.22. From this
analysis, we can determine the optimum number-of-stage N and the optimum gain-per-
stage g,R for a particular application with B bits of input resolution. Two 6-bit compara-

tor based on the configurations in figure 3.21a and b are presented in section 3.3.2.
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3.3.1 Transient Analysis and First Order Theory

When ¢, is low, the differential-mode half-circuits of figure 3.21a and b are }denﬁcal .
as given in figure 3.22. Although this equivalent circuit is similar to the one in section
3.2.1 (figure 3.10), the analysis differs in that. the initial conditions are now zero.
Program A-S can still be used with V,;(0)=0 to simulate the zero-state response of the
chain of amplifiers to an input step function. '

To verify the accuracj of program A=S, transient simulation for an input step of
31.25mV (B=6 bits) is performed using both SPICE and program A-S, and the outputs
are compared in figure 3.23. In figure 2.23, V,(0)=0, gnR=4.5, Vi»=31.25mV and
Vfina=5V. The two output waveforms are virtually identical for =<8, but they deviate
for n>8. This is because the effects of saturation and Miller multiplication are not care-
fully modeled in program A—S5. As in section 3.2.1, we can used program A-S5 to s§lve
for t.(n) with various combinations of B and gmR, and quickly converge to the optimum
design in terms of the number-of-stages and the gain-pet-s.tage. Before doing this, some

theoretical considerations may give some insight to the problem.

Linear Circuit Theory

In contrast to the problem in section 3.2.1, the initial conditions are now zero; there-
fore the circuit can be assumed linear as long as the transistors do not enter the triode
region. Laplace transforms can be used to generate closed form solutions for V,(r) if the

input is a step function. In figure 3.22 the transfer function per stage is

Yn_(s) =8| L1 3.27
Vu—l(s) C s+_&:‘ (3.27)

where C is the total capacitive load at the output and R is the output resistance. For n

stages, the overall transfer function is

Y2 = ;;7[,1,, ] (3.28)

In equation 3.28, 7= < and G=T15’ Since Laplace transform of an input step is

8m
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Vo(s) = b (3.29)

the output waveform in the time domain is

Valt) = ZIL’JI:L-I ‘@1_7)"] ' (3.30)

_ Ve, af1]e -] 1
-«—fﬁ“_s‘]"-‘[ma—rl'

where the symbol L‘1‘ represents inverse Laplace transform and * represents convolution
in ime. From standard transform tables,

v — Visp ¢ rn=1,—at’' 1,0
Valt) = _—n"(n—l)l{' n=lp=a' gy

Evaluating the integral using integration-by-parts

140 = Vst e [ ["T:M,]*]] o

Equation 3.31 is plotted in figure 3.24 for n ranging from 1 to 10, g,R=4.5,
Viy=31.25mV and 17r=43.6ps. Vg(t) reaches SV in 380ps (-;';==8.75). This result agrees
with SPICE simulated results and results generated from program A—S5 in figure 3.23.

The time for the output to reach 5V is shortened if all initial conditions are reset to
zero. Since the algebraic inverse does not exist in equation 3.31, we cannot solve for .
directly by setting V,(¢.)=5V. A compuier is used to solve for ¢.(n) from equation 3.31
numerically and the results are plotted in ﬁguré 3.25a. The comparator resolution B is
related to V;p through equation 3.19. In figure 3.25a, t.(n) is plotted for B ranging from 1
to 16 and for g,R=4.5. The program detects any local minimum in ¢.(n) and prints the
value of B at the loéation of the local minimum. For 6 bits of resolution, the optimum
design is 8 stages which gives a comparator delay at 380ps. Figure 3.25b gives the exact
information as in figure 2.25a except that the results were generated using program A—S5

with g,R=4.5 and V,(0)=0V. The difference between the two sets of curves are caused
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by non-linear effects. The effects of non-linear output resistance and transistor saturation
due to finite power supply voltages are briefly modeled in program A—S, whereas only
.linear elements are assumed by equation 3.3.1. Notice that the shape of the two sets of
curves and the locations of the minima are close to each other, this shows that non-linear
effects are secondary in this analysis. Since g,R is determined by the intrinsic gain of the
transistors and cannot be changed easily, figure 3.25 gives a general view of the delay per-

formance of this type of comparator.

The obvious question to ask next is what is the opﬁtﬁum gain-per-stage or g,R to
give minimum comparator delay? This can be answered physically by referring to the
equivalent circuit in figure 3.22. If R is infinite, all of the current available from the
‘dependent current source is used to charge the input capacitor of the following stage; thus .
tc(n) as a function of g,R would decrease monotonically as g,R approaches infinity.

If gnR is infinite, a closed form solution for t.(n) does exist. The overall transfer
function is

Vaon o 1
TO(S) = W : (3.32)

Again assuming an input pulse with Vi pulse height,

Vi "

Va(t) = Al (3.33)
tc(n) is defined by
Va(te)=V finat (3.34)

Combining equation 3.33 and 3.34, we have

1
te(n) = 17[!‘%131] n (3.35)

Equation 3.33 is plotted in figure 3.26 with V;3,=31.25mV. In figure 3.26, the output of
the 6th stage reaches S5V in 308ps. This represents a 20% improvement over the design
with g,R=4.5 and N=8. Equation 3.35 is plotted in figure 3.27a where B is varied from
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1 to 16. Since g,R is infinite in this calculation, figure 3.27a represents the best-case
delay for this type of comparator. For 6-bit resolution, optimum number of stages is 6 and
the comparator delay is 308ps. Figure 3.27b presents the same information as in figure
3.27a but the data is obtained from program A—S where g,R is set to 100.

From the above analysis, it is shown that t.(r) decreases monotonically as g,R
- approaches infinity for any value of B. Since we cannot have ng=;b in reality, what is a
good value for g,R such that t.(n,,) is acceptable? This question is answered in figure
3.28 which is generated by program A-S. Here, t.(n) is plotted for various values of g.R
with B equal to 6. For gnR=10, optimum number-of-stage is 6 and #.(nyy) is only 4%
slower than that when g,,R=. Therefore, a g,,R larger than 10 is as good as a g,R=%.
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3.3.2 Design Example - A 6-bit Open-Loop Comparator with Reset

The simulated results m ﬁgure'3.23, 3.24, and 3.25 confirm that the optimum
number-of-stages for the two comparators in figure 3.21a and b is between 7 and 8, if
. B=6 and g,R=4.5. The complete schematics of the two comparator designs are shown in
figure 3.29a and b. Common-mode feedback is used to stablize the common-mode output
voltages. The tw-o designs only differ in how the reset switches are connected. In figure
3.29a, the reset switches short the output nodes of each stage, while in figure 3.29b, the
reset switches provide negative feedback between the outputs and the inputs of every
other stage. The capacitance added to the signal path because of the reset switches is only
about 10% of the total loading capacitance at the output nodes; therefore the ¢.(7) is about
420ps (instead of 380ps as calculated in the previous section where ideal MOS switch with
no parasitic capacitance was assumed). The maximum comparison rate (assuming a 50%

duty-cycle) is

= 1 :
fe = Tt i) ©39)

where 4,4 is the rise-fall time of the clock and is assumed to be 150ps. The maximum

comparison rate according to equation 3.36 is 877MS/s.

SPICE has been used to simulate the transient response of the complete circuit shown
in figure 3.29a. The clock and the input waveforms are shown in figure 3.30a. The clock
rate is 770MHz, and the input assumes the worst-case waveform where the over-drive vol-
tages are -1V, +30mV, +1V, -30mV, +1V and +30mV. The output waveforms V,(t) in
figure 3.30b clearly show that the reset switches function as expected and reset the output
voltages to zero in less than 400ps. V() always reaches +Vjg,y within the allowed time
interval. The input voltage Vi(f), the sampled voltage V,(r), and V(t) are plotted in fig-
ure 3.30c using an expanded scale. Transistor My to Mg together with capacitor C; and C»
form the input sample-and-hold; This S/H is functionally similar to the one shown in fig-
ure 3.2, and it resets the input voltage to zero in every clock cycle. With minor modifica-
tions, the design equations derived in section 3.1.1 for the T/H can be applied to this S/H.
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Offset Voltage

So far we have not distinguished the difference between the two designs in figure
3.29. In fact the two circuits have identical behavior and their performance is similar as
long as we do not consider the effect of offset voltages. The reset times of the two designs
are not the limiting factor because the on-resistance of the MOS switches is much smaller
than the output resistance of the open-loop differential pairs. It will be shown in this sec-
tion that the circuit in figure 3.29b is more tolerant to offsets of the differential pairs than

the comparator in figure 3.29a.
. The equivalent dc input-referred offsets for both circuits are identical and are given

by
Vosx
Vm = VNS+ 2 .(S_ET E)- (3.37)

where Vo is the offset voltage due to the input S/H and Ve is the offset vcltage of the
kth differential pair. But the transient response or the dynamics of the two circuits are dif-
ferent if input offset voltages are present. In the following simulations the input reference
voltage V) is set to equal V,, so that we can concentrate on the dynamic behavior of the
two circuits. In reality Vs can be forced to equal Vi if self-calibrating techniques are

employed in the system design.

In figure 3.29a, the MOS switches reset all output voltages to zero when ¢ is high.
As ¢ goes high, the output voltages would initially swing in the direction as imposed by
the offset voltages, then the input signal would take over and drive the outputs in the
correct direction. A SPICE simulation was performed using the same clock and input
waveform as those in figure 3.30a. The effects of offset voltages are modeled by adding
voltage sources (¥ 15mV) in series with the inputs of the differential pairs. The effect is
cumulative if the offset voltages have alternating signs. Figure 3.31a plots the simulated
Va(f). On the fourth sample, the outputs swings to the positive side initially then the input
drives the ocutput voltages toward -5V. This effectively increases the deiay of the compara-

tor.
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In figure 3.29b, the MOS switches reset the node voltages by applying negative feed-
back around the differential pairs. The offset voltages are embedded in the feedback loops
and first order cax_acellation occurs. This is confirmed by the simulated results shown in
figure 3.31b. Comparing figure 3.31b to 3.31a, the effect of offset voltages is less pro-
nounced and the output of the seventh stage V+(¢) reaches -5V within the designated time.

In the above simulations, the offset voltage of the first stage is +15mV, the second
stage is -15mV, and so on (with alternating signs). This represents the worst situation
because the effect of these offsets on V,(f) is cumulative. In reality, this situation is
unlikely to occur because offset voltage of a differential pair is theoretically a random
variable with zero mean. If the niean of the offset voltages is not zero (this can be caused
by systematic error such as oxide gradient, etc), then first-order cancellation occurs. Fig-
ure 3.31c is the simulated Va(t) of the comparator in figure 3.29a when all offset voltages
are set to +15mV. Notice that the output waveforms of the fourth sample does not swing

to the positive direction initially as those in figure 3.31a and b.

In conclusion, using the MOS switches to reset the node voltages on a cascade of dif-
ferential pairs can reduce the delay of the comparator. The delay ¢ of this comparator is
about 420ps and the maximum sampling rate is about 880MS/s. However the effect ‘of
offset voltage may be important and the effective comparison rate may have to be reduced
to 770MS/s.
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3.4 Comparator III - Pipeline of Differentiai Amplifiers

Pipeline processing is commonly used in digital systems to improve the data
throughput. Analog circuits can also benefit from this architecture. However, the concept
of pipelining in comparator designs was never considered seriously. One reason for this is
that the real-time delay through the pipeline is longer than that of conventional
approaches. It is shown in this section that the comparison rate of a pipeline comparator
is the highest among the designs considered in this chapter. Since real-time delay is not
important in data transmission systems, a pipeline comparator can function as the decision
circuit in fiber-optic communication. In applications where the delay is important, this
approach is not recommended.

Figure 3.32 is the block diagram of a pipeline comparator. The differential amplifier
could be any of the three designs in figure 3.33. MOS technology is ideal-for implement-

"ing such an approach because the MOS T/H is both fast and simple. In figure 3.32, the
input signal is sampled and amplified by a fixed gain G when ¢, is high, then the ampli-
fied sample is passed on to the next stage as ¢ goes high. The sampled signal continues
to be amplified as it propagates down the pipeline until the signal is large enough to
trigger the D-flip-flop at the end of the chain. The final output voltage is related to the
input by '

Vna = VisGY (3.38)

Together with equation 3.14, the required number of stages N is

log !‘;ﬂzﬂ

N=—5c | (3.39)

This shows that for a 6-bit comparator, we need at least 4 stages if G=4, V=5V, and
Vi=2V. The comparison rate of this type of comparator depends on the settling time of
the individual amplifier. In the next section, the simulated settling times of the three

‘amplifiers shown in figure 3.33 are compared. These amplifiers are differential versions of



-128-

P-FF

T 1.

Fig. 3.32 Configuration of Comparator IIl - Pipeline of differential amplifiers.

-
et l% 7
Icsl
VQ,@_?l 1-6mA
'—E»Cu
BofF 2 LL [ *%
’%PI————l K

Fig. 3.33a  Pipeline of simple differential pairs - OL-amp.



-129-

V¢
ﬂuy’ t%"!.kit] Dl]-u/' w/.lﬂ j‘;
% ]I —
il W b {; K2
e 3
S ms % % v A L%
I T
( Isoﬂ; J—
At :ﬂw.
JO/‘.i J:E‘:.o/.

v.

_ Fig. 3.33b  Pipeline of differential Active Shunt Feedback Amplifier - ASF-amp.

e [ 1] [ B2e) | .
| ”"-h' ~ . wl % vt
cer P, gﬁ‘@qu‘% TL = : -

| : <
1"”“”/‘ l | 5,.,,
. 1 - ' ] Z%

V-

Fig. 3.33c  Pipeline of differential Buffered Active Shunt Feedback Amplifier -
BASF-amp. '



<130 -

the émpliﬁer‘s discussed in chapter 2, namely open-loop, active-shunt-feedback and
buffered-active-shunt-feedback amplifiers.
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3.4.1 Transient Simulations

Simulating the complete response of all the outputs as the signal propagates down the
pipeline using SPICE would require too much computer time. An alternate approach is to
simulate the response of the first stage, which is the most critical because it is only over-
driven by Vg, and to assume that the following stages have the same settling time as the
first stage. To include the delays through the input and the output T/H (refer to figure
3.33a) both ¢; and ¢ are turned on. A step input with a 150ps rise-time, a -2V initial
voltage and *31mV overdrive is applied at t=0. The settling time is the time for V(t) to

reach a certain percentage (usually >90%) of the final value.

First, we consider the simple differential pair in figure 3.33a. Transistor M, M2, Cs1
and C,; form the input T/H. Cs1 and C,3 are included to reduce the effect of common-
mode charge injection and clock coupling from the two MOS switches (refer to section
3.1.1). The dominant time constant of this circuit is the RC time constant at the output
nodes of the differential pair, where R is given by equation 2.1 and C is the total capaci-
tive loading looking into the output nodes. The small-signal bandwidth from the input to
the output (Vy(t)) is only 400MHz beciuse the added capacitance C;; and C,> equals 30fF.
Two simulations were performed for the two cases where the input pulse went from -2V
'to +31mV and from -2V to -31mV. The simulated step response of the amplifier and the
input steps are shown in figure 3.34. In figure 3.34 the output settles to 90% of its final
value in 3.3ns. This implies that the sampling rate of the comparator is only 300MHz.

The sampling rate is greatly improved if the amplifier in figure 3.33b is used instead.
This amplifier is the differential version of the ASF-amp in section 2.3. DC biasing of the
amplifier is controlled by the common-mode feedback lcop. Since the output impedance is
reduced by the loop gain, the frequency response of this amplifier is less sensitive to capa-
citive loading at the output, and the small signal bandwidth is greater than 1GHz. Figure
3.35 is the simulated step response of the amplifier. The amplifier settles to the final value
in 1.3ns implying a sampling rate of 770MS/s.

Finally, consider the differential amplifier shown in figure 3.33c. Its design is based
on the BASF-amp in section 2.3. The added source follower buffers decreases the phase
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margin of this amplifier and the step response in figure 3.36a shows substantial overshoot
(Cc=0). However the ringing settles out in less than 1.3ns. In order to suppress ringing,
two 10fF compensation capacitors (C.1 and C,2) are included in the simulation of figure
3.36b. Here the overshoot is reduced and the settling time of the stage is 900ps. This

implies a maximum comparison rate of 1.1GS/s is possible with this architecture.

If we can control the values. of the compensation capacitor, simulation shows that the
maximum sampling rate of a pipeline comparator with BASF-amp as the basic amplifier
can exceed 1GHz. Four stages are needed in the pipeline to amplify the input signal to
5V, and therefore the comparator delay is 1.8ns. This design achieves high sampling rate

in the expense of real-time delay.
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3.5 Comparator IV -VPreamlener + Regenerative Latch

The two D flip-flops that sample the output of the comparators in the previous sec-
tions are assumed to be simple dynamic' MOS registers (MOS switch followed by an
inverter). The comparators are expected to generate a large digital signal (5V) at their
outphts in order to trigger the D flip-flop reliably. In this section, we consider a class of'
comparators that drive a regenerative latch with a small signal-voltage and relies on the

positive feedback in the latch to generate the final digital signal.

A simple bipolar latched comparator is shown in figure 3.37. The advantage of this
circuit is that it can function without an input Qample-and-hold. As &2 goes high, the
positive feedback loop is enabled and the output voltage is sampled by the latch. Since it is
difficult to implement a fast S/H in bipolar technology, the positive feedback latch became
the basic building block in many fast bipolar comparator designs [27-30]. However, there
is a penalty for not having a good input S/H. In figure 3.37, the latch samples the output
of the differential pair that has a certain small-signal bandwidth. If the input signal has
frequency components higher than the bandwidth of the amplifier, the signal at the output
would be a highly distorted version of the input. This effect is complicated because the
amplifier is both non-linear (due to saturation) and time-varying (due to the switching of
¢1). This distortion in both amplitude and phase at the amplifier output is referred to the
input as S/H delay and apperture jitters. Therefore in a commercial flash 6-bit 20MS/s
A/D such as the TDC1025 from TRW [28], the manufacturer requires that either the
input be low pass filtered at less than the bandwidth of the preamplifier (which is usually
lower than the Nyquist frequency) or an input S/H be used with the A/D. In this section,
we assume that the input is sampled by a S/H and its bandwidth is much higher than the
'.sampling frequency. The sampling instant is therefore well defined and the aperture
uncertainty is solely a function of the phase jitter of the clock.

An analysis on the circuit in figure 3.37 is performed in section 3.5.1. This analysis
suggests that at least two different design approaches can be adopted to improve the speed
. of the basic latched comparator. Section 3.5.2 presents a 6-bit comparator design which is
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based on over-driving the latch at its input. Finally in section 3.5.3, a new approach that'

’ ¢
employs negative feedback in the preamplifier section of the comparator to speed up.
recovery time is presented [34]. ' :



-138 -

3.5.1 An Analysis on the Simple Latched Comparator

A;n MOS v.ersion of the bipolar latched comparator of figure 3.37 is shown in figure
3.38. An input S/H is added such that the sampling instant is well defined. During the
period when ¢; is high, the input is tracked by the two sampling capacitors, and the out-
put voltage is regenerated by the positive feedback loop to one of the two stable states
according to the sign of the previous sample. Then the input signal is sampled and
transferred to the gate of M7 and Mg when &; goes high. The length of time that ¢> has
to be kept high depends on the signal delay through the input differential pair and it will
be referred to as the acquisition time t5.. The length of time that ¢; has to be kept high
depends on the regeneration speed of the positive feedback loop (fr;). In high-speed
applications, only a two-phase 50%-duty clock scheme is practical because it can be gen-
erated by using a differential pair. If a 50% duty clock is assumed, then

toc=treg ' (3.40)

when the comparator is operating at maximum speed. In this section we will solve for 1,

and t,,, and conclude with a design curve for this simple comparator.

To simplify hand calculations, we assume that the delays in the MOS S/H and the
clock rise-fall time are zero. The two equivalent circuits in figure 3.39a and b represent
the differential-mode half-circuit for figure 3.38 when ¢; and ¢, are turned on respec-
tively. To calculate t,,, we can refer to figure 3.39a. In figure 3.39a, R is the resistance
looking into the output nodes and C;; represents the differential-mode capacitance loading

the output nodes
Ci1 = Cgspyat4C gy n+ Codgu+ Cvgsgt Catyy n+ Cabrp+ Corg (3.41)
= 34F
The differential equation that governs the dynamics of the positive feedback loop is

dv, \Z 8
TR Cp e =0 (3.42)
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The solution to this equation is

vo(t) = Vo(tac)exp :‘g;‘:’ = 1 R] (3.43)

where V,(tg) is the initial voltage at the output when ¢, first goes high. Since 7, is the

time required for the output voltage to reach Vgna, it follows that
_ 8
Vo(tac) = VfinaleXp "tm_”'lﬁ 1- = M ]] (3.44)

To solve for trg, we need to know vo(fac).

In figure 3.39b, R is again the output resistance of the differential pair M7 and Ms.

Cr, is the capacitive loading at the output
C12 = 4Cgay p+ Catyypn+ Csbaxt Codosot Codra+ Cang (3.45)
= 40fF

The initial output voltage (V;.) when &2 goes high is -5V (digital output of the previous
sample). During &2, the input sample stored in C, is dumped onto the inputs of the dif-
ferential pair. Under worst-case condition, the differential input voltage is +Vig. Frbm

figure 3.39b, it can be shown that
-t
vo(tac) = (8mRViss—Vic) [1- exp [‘R?:%]] + Vi (3.46)
Using equation 3.40, 3.44 and 3.46 and assuming gmy ;= 8ms=8m,
V/inat®xp |~ fac 1 1 8mRVis=Vie) |1-expl = || = 0 (3.47)
Cll c RCp2

Newton’s method can be used to solve for 1, in equation 3.47 and the solution is plotted

in figure 3.40 for different values of g,R and V; (input resolution B ranges 1 to 10).
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In figure 3.40, 1,. approaches « for g,R=<1 because the positive feedback loop gain
is less than 1. #. has minima at g,R=2 and it increases monotonically as g,R increases.
If gnR is 4.5 and Vy is 31mV, equivalent to 6-bit resolution, 1, equals 850ps. Since we
have neglected the delays in the S/H which is roughly equal to the rise and fall times of
the clock (fgok=150ps), the maximum sampling rate is

= 1 .
fs mark= m (3.48)

= S500MS/s

SPICE Simulation of the Simple Latched Comparator

To verify the design curve in figure 3.40, the transient response of the circuit in fig-
ure 3.38 is simulated using SPICE with a S00MHz two-phase clock. The simulated results
are presented in figure 3.41a to d. The input, which is over-driven by -2V, +31mV, -2V,
-31mV, etc., and clock waveforms are shown in figure 3.41a. The input voltage Vi,, the
sampled signal V, and the input to the differential pair vy(t) are shown in figure 3.41b
using an expanded scale. The simulated output voltage v,(t) in figure 3.41c shows that the
comparator latches onto the correct state during ¢; and that the comparator exhibits no
memory of the previous sample, even when the previous sample is over-driven by the full-
scale voltage (-2V). Finally, figure 3.41d plots the output waveform when it changes from
-5V to +5V (2ns<t<4ns). The output voltage became positive at the 3ns mark. This
implies that ¢, equals 1ns which is predicted by the above analysis and the design curve in

figure 3.40 is accurate enough.

Figure 3.40 suggests that there are .at least two ways to improve the speed of the
simple latched comparator. First, we can use a preamplifier to over-drive the latch at the
input - equivalent to decreasing B. Secondly, we can reduce the output resistance of the
latch - equivalent to decreasing gnR. In fact a combination of these two methods may
prove beneficial. In the following sections, we will present two improved comparator
designs based on these approaches.
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In summary, the maximum sampling rate of the simple latched comparator is

.500MS/s, with a delay through the comparator of 2ns.
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3.5.2 Open-Loop Preamplifier with Reset + Latch

In this section, we investigate the use of a preamplifier to increase the drive to the
simple latched comparator. Most bipolar latched comparators have one to two preamplifier
stages [29] [30] because cascading more open-loop amplifiers would result in substantial
bandwidth shrinkage. Since these bipolar comparators are usually used without an input
S/H and they rely on the positive feedback latch to define the sampling instant, ‘the
bandwidth of the preamplifier must be kept as high as possible. If the input has frequency
components higher than the bandwidth of the preamplifier, those components would have
a different phase shift at the output of the preamplifier. The problem would be enhanced
if the preamplifier is driven into saturation at the same time. In general, these non-linear
effects when referred back to the input constitute sampling delay and aperture jitter in the

comparator.

In MOS, we can correct the above problem by using an input S/H; then which
preamplifier configuration is fastest in over-driving the simple latched comparator? If
another differential pair is added between the input S/H and the latched comparator in
figure 3.38, the acquisition time of the resulted comparator would increase. Since the out-
put of the added differential pair is also over-driven during the previous sample, the delay
through the added differential pair is comparable to the delay of through transistor M7
and Mg and the combined delay from the input to the output of the comparator is actually
worse than that of the simple latched comparator. In order for input overdrive to work,
the speed of the preamplifier must be much faster than that of the simple differential pair.
In section 5.3, we learned that the delay through a cascade of open-loop amplifiers is
greatly reduced if MOS switches are used to reset the internal nodes of the cascade. In
this section, we investigate the use of a cascade of open-loop amplifiers with reset to

improve the acquisition time of the comparator.

Consider the design in figure 3.42, where two differential pairs with common-mode
feedback are added between the input S/H and the latched comparator. Source followers
are used at the output to reduce loading capacitance and to isolate any switching transients
generated from M3 and M3 from the posiﬁve feedback loop. During &3, the input
waveform is sampled, the positive feedback loop is enabled through M2 and the outputs



Fig. 3.42 Complete schematic of a comparator using open-loop preamplifiers with

reset-switch and regenerative output latch.
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of the preamplifier are reset to zero by turning on M3y and M. During &; the preamplif-
ier quickly establishes a signal at its output which drives the drains of M9 and M2 from
its initial voltage (-SV) to an'intermediate voltage according to the sign of the input. As
- ¢y goes high again, positive feedback would latch onto the intermediate voltage, and
regenerate the outputs to their final digital states. .

We can use SPICE to simulate the delay in the preamplifier, but this configuration is
similar to the one considered in section 5.3 - except that the output voltage of the last
stage is not reset to zero when ¢; goes high. Therefore, with minor changes to
program A—S, we can use it to simulate the delay through the preamplifier - by setting the
initial condition of the last stage to -5V. The output of program A-S5 is shown in ﬁgﬁre
3.43. The output of the third stage crosses over to the positive side in 330ps.
Program A-5 neglects the effect of finite clock rise-fall time and assumes the reset
switches added zero parasitic capacitance. Reset-switches actually contribute to about 10%
of the total capacitive loading. The estimated delay in the preamplifier is equal to
330ps x1.1+150ps=510ps. Thus the two extra stages of open-loop amplification increase

the sampling rate by a factor of two.

SPICE is used to verify the above design using a two-phase 1GHz clock. Outputs
from this simulation is presented in figure 3.44a to 3.44d. The input waveform used in
this simulation is similar to the one in the previous section where the overdrive voltages
are -2V, +31mV, -2V, -31mV, etc. Inputs and clock waveforms are plotted in figure
3.44a. The output wavefoﬁn plotted in figure 3.44c clearly shows that the comparator
made the correct decisions. Figure 3.44d shows that the delay of the preamplifier is 470ps

which is in agreement with the above estimation.

If the two added open-loop amplifier stages with reset can improve the sampling rate
of the simple latched comparator from S00MS/s to 1GS/s, what is the optimum number of
stage for this configuration? Accordfng to program A-5 the optimum number of pream-
plifier stages is § a.nd the simulated result corresponding to this case is presented in figure
3.45. In figure 3.45, the output of the sixth stage crosses over to the positive side in
270ns; this represents only a 60ps- improvement over the 2-stage design (refer to figure
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SPICE simulation of the comparator in figure 3.42.
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3.43). The expected maximum sampling rate for the S-stage preamplifier design should
approach 1.2GS/s. The penalty for this design is higher power dissipation.

In the next section, negative feedback is used to reduce the output impedance of the
latch. It is shown that the maximum sampling rate for such a design also approaches
1.2GS/s but with a power dissipation lower than the S-stage pream{aliﬁer design of this

section.
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3.5.3 Feedback Preamplifier + Latch

N

Figure 3.40 suggests that the speed of the simple latched comparator can be
increased by reducing the output resistance of the latch. This means reducing the gain of
the differential pair to about 2. This can be accomplished either by using an inverter ratio
other than one, or by using an enhancement-mode load. However, both methods have
their disadvantages. In this section we resort to negative feedback since it can trade open-

loop gain for bandwidth and reduce the input-output impedance of an amplifier.

Figure 3.46 is the complete schematic of the latched comparator. The preamplifier
section of this comparator, M7 to M2z, has the same configuration as that of the BASF-
amp in section 2.3. The circuit is functionally similar to the comparator in the previous
section (fig. 3.42). They share the same clocking scheme, the same output buffer design
and the same input S/H design. Instead of using reset switches to speed up over-drive
recovery, this design employs negative feedback to inject part of the output signal (of the
previous sample) to the internal nodes of the amplifier. The acquisition time of the com-
parator is determined by the bandw'idth of the BASF-amp and the regeneration time is
given by equation 3.43. Since the gain of the BASF-amp is controlled by the the ratio

&mgs
Smua2

of the feedback source follower stage M;; and M, is optimized such that the acquisition

and the normalized gain-bandwidth product of the amplifier is a constant, the width

time equals the regeneration time when the latch is driven under the worst-case condition.
Compensation capacitors (C.1 and C.7) are needed to suppress ringing at the amplifier
outputs. In this particular design W ig 10um, Wy 12 is 1.5um and C.1=C2=10fF.

The dc biasing of the circuit in figure 3.46 is somewhat unconventional. During ¢3,
the common-mode voltage of the amplifier is controlled by the common-mode feedback
loop. When ¢ is enabled, the current in the Cascode current source is controlled by M2
and M2, which are of the same size as transistor Mg and M19. According to SPICE simu-
lations, this switching back and forth between common-mode feedback and tracking bias

does not affect the operation of the comparator.

SPICE is used to simulate the transient response of this comparator, and the simu-

lated results are presented in figure 3.47a to 3.47d. The input and the clock waveforms
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Fig. 3.47 SPICE simulation of the comparator in figure 3.46. -155-
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plotted in figure 3.47a and b are identical to those plotted in figure 3.44a and b of the
previous section. A 1GHz clock is again used in this simulation. The output waveform in
figure 3.47c not only showed that the comparator is functioning properly, but this design
is faster than the one in the last section. Figure 3.47d shows the comparator output when
it is making a transition from -5V to +5V while the input is over-driven by V. The out-
put became positive in only 390ps after the clock transition. This implies that the max-
imum sampling rate of this comparator is 1.2GS/s and the comparator delay is about

830ps.



- 158 -

3.6 Performance Summary and Conclusion

In this chapter, four basic comparator configurations that are suitable for the MOS

technology have been investigated, and eight different comparators have been designed

based on these four configurations. Table 3.1 summarizes the simulated performance of

these comparators. The design principle established by this work are as follow:

1.

Cascade of open-loop amplifiers - The comparison delay as predicted in figure 3.13
to 3.15 is surprising because the findings are contrary to conyentional practice in the
design of comparators in this configuration. Figure 3.14 and 3.15 suggested that the
optimal gain per stage is about 3 and as g,R is increased, the comparison delay
increases significantly. Most conventional comparator designs are basically uncom-

pensated operational amplifiers with two stages of open-loop gain at 40dB per stage.

- ‘This is why the delay associated with such designs are typically about 20ns [37]. The

speed of this type of comparator can be improved if we use more stages and less gain

per stage (refer to figure 3.13).

Cascade of open-loop amplifiers with reset - The comparator delay of this configura-
tion is predicted in figure 3.25 and 3.27. Figure 3.25 is for the case when g,R is 4.5
while 3.27 is for the case when g,R is infinite. Figure 3.8 suggests that the com-
parison time decreases monotonically as g,R approaches infinity and that if gnR is
greater than 10, it can be treated as infinite. The result shown in figure 3.27a is then
somewhat surprising. Although g,,R =, we still require a large number of stages in
order that we reach the optimal design. Most existing comparators based on this con-
figuration have three to five stages. As seen from figure 3.27a, an optimal 16-bit
comparator should have 14 stages and a per-stage gain of at least 10!

Pipeline of differential amplifiers - The clock rate of this configuration depends on
the settling time of the differential amplifiers used. Since the MOS T/H added addi-
tional capacitive loading onto the output nodes of the amplifiers, designs with a low

output resistance settle faster. Both the output source follower buffer and the
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RATE | DELAY | POWER
COMPARATOR CONFIGURATION MS/s | ps | mW

| : Cascode of open—loop amplifiers 600 1500 | 96

il : Cascade of open—loop amplifiers with reset | 870 570 128

lla : Pipeline of open—loop amplifier 300 6600 | 64
lib : Pipeline of ASF—amp | 770 2600 | 160
liic : Pipeline of BASF—amp 1100 | 1800 | 192
IVa : Simple latched comparator 500 2000 | 16
Vb : Open—Iloop preamplifier + latch 1100 | 900 €0
Ve : Feedback preamplifier + Latch 1200 | 830 52

" TABLE 3.1 Summary of comparator performances.
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negative feedback in the BASF-amp contributed to the reduction of its output resis-

tance, and therefore the BASF-amp is preferred in this configuration.

4. Preamplifier + regenerative latch - the acquisition timie of the simple latched com-
parator is shown in figure 3.40 which suggested that the two methods can be used to
improve its speed performance - by either overdriving the latched comparator at its
input or by reducing the output resistance of the latch. Both methods are explored in
section 3.5. Negative feedback and reset-switches are two effective circuit tzchniques

in the MOS technology to reduce the overdrive recovery of an amplifier.

Table 3.1 summarizes the preformance of the eight examples of a 6-bit comparator in
this technology. Comparator-I has the worst overall performance. Comparator-II has the
shortest comparison delay. Comparator-III and céinparator-lV have the highest sampling
rate (exceeding 1GS/s). Besid.u speed considerations, power consumption also plays an
imporfant role in deciding which configuration is more suitable. The simple latched com-
parator consumes the least power, however with a moderate increase in power, the sam-

pling rate of comparator-IVc is increased by a factor of 2.
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Chapter 4 Experimentation

In this chapter, experimental results are presented to support the theories presented
in chapter 2 and 3. Four amplifiers and eight comparators have been considered in chapter
2 and chapter 3 respectively. Not all of these designs were fabricated and tested because
the experiment was planned months before the completion of the thebry itself. The circuit
configurations of the feedback amplifier and the latched comparator presented in this
chapter are similar to that of the BASF-amp in section 2.3 and that of the feedback-
preamplifier latched comparator in section 3'.5.3, respectively. These two circuit confi-

gurations have the best speed bcrformance among those considered in this report.

For high frequency measurements, it is necessary to drive SOQ transmission lines.
This chapter begins by first presenting a 502 output buffer that has a loss of 3dB, a small
signal bandwidth of 3.5GHz and an input capacitance of 120fF. In section 4.2, the meas-
ured insertion gain of the feedback amplifier is 9dB with a 1.17GHz bandwidth when
driving the input capacitance of the 50Q output buffer. Section 4.3 presents the measured
results of the latched comparator. At 750 MS/s, the achieved input resolution of the com-
parator is 5 bits. The output signal amplitude is 1Vp-p and the measured error rate is less
‘than 10~%. Although the measured speed performance of the latched comparator is worse
than that predicted by SPICE simulation, this result is already the fastest ever reported for
a MOS technology. This comparator was reported at ISSCC 1985 [34].
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4.1 A 3.5GHz 502 Output Buffer

In a test system, the measurement equipments are usually located at a few feet from
the circuit under test. This distance is longer than the wavelength of the high frequency
test signal, therefore the system components cannot be treated as lumped elements. 500
transmission lines such as coaxial cables must be used to bring high frequency signals to
and from the test circuit. To minimize reflections, most high frequency measurement
equipments haye 502 terminal impedance. Because of this, it is necessary to fabricate on-
chip output buffers that can drive the 500 load.

Figure 4.1 is the schematic of the output buffer which has a CD-CS configuration
(section 2.2.2). The width of the source follower Wy is 200um and ‘the width of the out-
'put inverter W, is 400um. The supply voltages (+2.5V and -3V) are chosen such that
the dc transfer curve goes through the point where Viy=Vn,=0V. This way, no dc power
is delivered to the 50Q load from the output buffer, and the system is dc coupled at both
the input and the output. The measured dc transfer curve and gain of the 500 loaded out-
put buffer is shown in figure 4.2. From figure 4.2, the maximum dutput voltage swing
across the 500} load is 2.5Vp-p. This implies that the maximum output power of this
buffer is 12.4dBm. |

The measured and the simulated frequency response of the output buffer are shown
in figure 4.3a and 4.3b respectively. The dominant RC time constant of this circuit is at
the output node of the source follower and the RC time constants at both the input and
the output of the buffer are neglectable. The measured bandwidth of the output buffer is
3.5GHz which is higher than the simulated bandwidth of 3GHz. This discrepancy caa
casily be accounted for because the measured effective channel length of this wafer is
0.9um.

The input impedance of a source follower is given by equation 2.14. Figure 2.13 is

the simulated input capacitance of a source follower. According to SPICE simulation, the

input capacitance is at 0.6/fF/um, therefore the input eapécitance of the 5002 output buffer
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is about 120fF.
Because of its wide bandwidth, this output buffer has been successfully incorporated

into the measurement systems of the amplifier and the comparator in section 4.2 and 4.3

respectively.



- 166 -

4.2 A 1.17GHz Wide-Band Feedback Amplifier
!

A variation of the BASF-amp has been fabricated and tested at high frequencies. Its
design is shown in figure 4.4. Transistor M; is the ixipnt transconductance stage and
transistor M2 together with the feedback transistor My form the trans-resistance stage.
Transistor Mg and M+ are source follower buffers that serve to reduce the capacitive load-
ings at the two high impedance nodes of the amplifier. Compared to the BASF-amp in fig-
ure 2.28b, this design has two minor differences. First, the gate of the feedback transistor
My is connected to the drain of M instead of to the output of the source follower M.
_ Therefore the delay in the feedback loop is reduced and its is not necessary to include any
compensation capacitor to suppress overshoot in the amplifier step response. Secondly,
the width of transistor M4 and M3 is red\;ced to 6um such that the power dissipation in
the amplifier is reduced. This results in a slight compromise in the amplifier frequency

response.

To test the amplifier frequency response, an output buffer is required to isolate the
feedback amplifier from the 500 load. The measurement setup is shown in figure 4.5. An
identical output buffer fabricated on-chip is used as a reference for calibration. Losses due
to the output buffer, the coaxial cables, and the package are subtracted from the measure-
ment. The difference between the amplitude response of channel 1 and 2 in dB represents
the insertion gain of the feedback -amplifier when it is driving the input capacitance of the
‘output buffer whic.h is 120fF. This capacitive loading is equivalent to a fanout of 5 because
the input capacitance of the feedback amplifier is 24fF. Figure 4.6 shows the die-photo of
the feedback amplifier together with its 500} output buffer. Figure 4.7a is the measured
amplifier insertion gain. The gain of the amplifier is 9dB and the bandwidth of the amplif-
ier is 1.17GHz.

To correlate the measured results to SPICE simulations, the setup in figure 4.5 was
simulated. The simulated amplifier insértion gain in ﬁgur§ 4.7b is 10dB and the simulated
bandwidth is 1.4GHz. Both the measured amplifier gain and bandwidth are lower than
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Fig. 4.6 Die-photo of the feedback amplifier and its output buffer.
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those of simulation because the actual channel length of the transistors is less than 1um.
Because of this, the g,r, of the transistors is lower than expected and the input capaci-
tance of the output buffer is increased according to equation 2.15. This increases the capa-

citive loading at the amplifier output ncde where frequency limitation occurs.

Figure 4.8 is the measured noise figure of the feedback amplifier at room tempera-
ture. In this measurement, two feedback amplifiers and a S0} output buffer are connected
in series. An external 500 resistor shunting the amplifier input to ground is used to
guarantee 500} match. An HP-8970A noise figure meter which has a 500 terminal
impedance is used in the measurement system. The measured 1/f noise corner is around
30MHz and the measured thermal noise component is 3dB above the SPICE simulated

* value shown in figure 2.33.

Since the measured amplifier performances correspond to simulated values using
SPICE, the performances of the four amplifiers predicted in chapter 2 are reasonable. The
configuration of this feedback amplifier is incorporated in the latched comparator of the

next section.
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Fig. 4.8 Measured noise figure of the feedback amplifier.
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4.3 A 750MS/s Latched Comparator

Based on the configuration of Comparator-IVc in section 3.5.3, a high-speed com-

parator has been designed, fabricated, and tested at high frequencies. This comparator

was designed for application in a 4-bit flash A/D converter. The circuit schematic of the

latched comparator is shown in figure 4.9. The preamplifier of this comparator (M to

M23) is the differential version of the feedback amplifier in the last section. Compared to

Comparator-IVc in figure 3.46, this design has the following minor modifications:

1

The gates of the feedback transistors M13 and M4 are connected to the drains of the
second gain stage M9 and My instead of to the sources of the output source fol-
lowers. This improves the phase margin of the feedback loop and the overshoot in

the preamplifier step response is acceptable even if C. equals zero.

The width of the transistor M5 to M2 is Sum instead of 10pwm. This resulted in a
reduction of dc power dissipation which is important since there are 15 comparators
in a 4-bit flash A/D converter.

The bias voltages V) and V;; are generated using replica biasing which are shared
by the 15 comparators in a 4-bit flash A/D converter. The advantage of this biasing
scheme over the original common-mode feedback biasing in figure 3.46 is that the dc
power dissipation is reduced. The disadvantage is that the common-mode signal at

the comparator outputs is more sensitive to the dc level of the clock ¢ and 2.

The input stage of the latched comparator is a cascode configuration which is driven
by an input 7/H instead of an input S/H as in figure 3.46. The cascode transistors
Ms and Mg are needed to isolate the drains of My and M from the feedback transis-
tors M3 and M4 because the feedback signal can corrupt the input sample stored at

the input capacitance of the differential pair.
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S The two output SH in figure 3.46 are removed from this test circuit to facilitate
monitoring the waveform at the outputs of the positive feedback latch with 50Q out-
put buffers.

A test IC which integrates the high-speed comparator, two 50{) output buffers and a
clock buffer was fabricated. The measurement setup is shown in figure 4.10. The clock
buffer generates the two-phase 50% duty clocks from a single ECL clock. The output
buffer is similar to the 5002 buffer in section 4.1 which drives off-chip 590 load. A
2Gbits/s pseudo-random pattern gcneratér and an error detector are used to ensure that
the error rate of the comparator is less than 1079 during a measurement. A die-photo of

the latched comparator is shown in figure 4.11.

The measured waveforms of the latched comparator at 250M$S/s and 750MS/s are
shown in figure 4.12. The upper trace is the input waveform which is a periodic NRZ
(Non Return to Zero) data pattern (101100111000...). The center trace is the output
waveform which has a 1Vp-p swing. The bottom trace is the system clock which controls
the sampling rate of the comparator. Figure 4.12 clearly demonstrates the functionality of
the comparator. An input over-drive voltage of =80mV (160mVp-p) is required when the
comparator is sampling at 750MS/s. The measured input common-mode range of the com-
parator is £1.5V. If a full-scale input voltage V4 of 2.5V is assumed, this mﬁparator
achieves a S-bit input resolution at 750MS/s. A measured eye-diagram at 750MS/s is
shown in figure 4.13. Figure 4.14 summarized the measured input resolution at various
sampling frequencies.

Computer simulation of the comparator test circuit in figure 4.10 .'._hows that input
resolution of this IC should be better than 6 bits at 7S50MS/s (Vip=31mV). After careful
investigations, the problem can be traced to an unexpected error in the the layout of the
actual test circuit. The actual width of transistor M7 and M3 is less than the desired
value which is 10um. This degrades the regeneration speed of the latch (M24 and M)
which can be seen from figure 4.12. At 7S0MS’s, the input of the comparator have to be
over-driven with 80mV such that the output amplitude is large enough to drive the error
detector which requires a 1Vp-p input signal.
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Fig. 4.11 Die-photo of the latched comparator.
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Although the measured input resolution is 2.6 times lower than the simulated value,
this performance is already the fastest ever reported for a MOS technology [34]. Based on
Comparator-IVc, a 4-bit flash A/D converter is being designed. This A/D is expected to
sample at 1GS/s.
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Chapter 5§ Conclusions

This research represents a comprehensive study on the design of wide-band amplif-
iers and high-speed voltage comparators in a 1um NMOS technology. In particular, this
work has contributed to the understanding and to the design philosophy behind high-speed
voltage comparators. This study suggested that on-chip voltage amplification up to 2GHz
and voltage comparison up to 1GS/s are possible, and that the short channel NMOS tech-
nology is suitable for realizing high-frequency but low resolution analog circuits such as

4-bit flash A/D converters and optical repeaters.

Experimentally, we have demonstrated a 1.17GHz bandwidth amplifier and a
750M$S/s latched comparator. The amplifier has a voltage gain of 9dB when driving 120fF
of on-chip capacitance (equivalent to a fanout of S.) The comparator achieves § bits of
input resolution at 750MS/s. Because this circuit employs a differential S/H at the input to
define the sampling time, sampling ambiguity or phase jitter of the comparator is only a
function of the phase noise in the clock. Since the bandwidth of the S’H is about 3GHz, it
is not necessary to band-limit the input signal to below the Nyquist frequency. Power dis-
sipation for a single comparator is about 35mW, and therefore a 4-bit flash A/D employ-

ing this comparator design is expected to dissipate less than 1.5W of power.

Because of the low transistor gain g,r,, it is difficult to design highly accurate wide-
band amplifiers (chapter 2) or high-speed operational amplifiers in this technology. The
situation in CMOS is slightly better because the cascode configuration can be used to
obtain higher voltage gain in a single stage. Conventional MOS analog circuits such as
switched-capacitor filters and charge-redistribution A/D converters are more easily imple-
mented in a CMOS technology. However, as channel length is reduced to improve transis-
tor fr, gmro decreases dramatically in this technology also. In order to ensure an op-amp
gain laréer than 80dB, a triple or even quadruple CMOS cascode may have to be used.
This approach may render the op-amp useless in terms of common-mode range. Since the
8mro of a scaled bipolar transistor can easily exceed 500, it would only seem natural to

merge bipolar and MOS into one technology: Having both high current gain (for S’H) and
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high voltage gam (for op-amp), perhaps BiCMOS is the logical technology for lngh

frequency and high-resolution analog circuits,
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A-1 Measured Transistor DC Charaéteristics and Capacitances

In this appendix, measured dc characteristics of the enhancement and depletion mode
1pm MOS transistor are presented. The enhancement and the depletion threshold voltages
are 1V and -1.5V, respectively. The drawn channel width is S0um and the measured
effective channel length is 0.95um for both transistors. The gate oxide was measured to
be 0.02u.m thick.

Figures A-la and A-1b show the I-V characteristics of the two transistors. In figure
A-2, measured saturation current (Izq) versus Vg, is plotted along with the transistor
tranconductance (g,,). From figure A-2a, maximum transistor é,,. is about 88mS/mm. In
figure A-3, nﬁeasured -output resistance (r,) of the two transistors is presented. Figure A-
4 is the measured back-gate transconductance (g,) of the two devices. Figure A-S, is the
measured transistor capacitance [13] at various bias voltages. The cross-section of a typical
MOS transistor is shown in figure A-6 illustrating intrinsic device and parasitic capaci-
tances. Finally, all important measured device and parasitic parameters are summarized
in Table A-1 where the transistor operatiig point is assumed to be at Vgs—Vr=1.5V and
Vps=2.5V.
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Enhancement—mode MOS with W=50um ond Lef{=0.95um.
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Parasitic Capocitances Device Capacitances
Cfield 0.057w/um?| Cox 1.7 #/um?
Cjaeep 0.111r/um? | Cgs 1.05¢ /um
CjsWdeep | 0.5 /um Cgsol 0.15¢ /um
Cjsnotow 0.45¢/um?2 | Cgd 0.2 #r/um
CjSw shottow | 0.6 tF/um Cgdol - 0.15¢/um

¢ Leff=1um Vgs=Vt=1 5V Vds=2.5V

Table A—io Summary of Parasitic and Device Capacitances.

Enhancement Depletion
gm. 78 mS/mm | 81 mS/mm
ro 157 ohmemm | 112 ohmemm
gmb 1.2 mS/mm | 1.26 mS/mm
vt 1V -15V

Vgs=Vi= 1.5V Vds=2.5V Vsb==5V Leff=1um

Table A-1b Summary of Measured Device Small Signal

DC Parameters.
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A-2 Spice MOS Level-III Input Parameters

Computer simulation is a powerful tool in integrated circuit design, upe&ally for
high frequency circuits which are essentially impossible to breadboard. In this research,
the circuit simulation program SPICE version 2G.S was used. The accuracy of the transis-

tor model used in Spice deserves some attention.

In SPICE version 2G.S, there a're three MOS transistor models. Models 1 and 2 are
for long channel MOS transistors, and are not applicable to our situation. Although MOS
" level-TI model [12] was intended for channel lengths below 2um, parameters used in the
model have to bzi‘changed from their measured or extracted values before good fitting

results are obtained.

Using selected values for po, 6, and vmyx in model-IIl, the simulated drain current
can be made to fit well in the triode region. However in the saturation region, the simu--
lated drain current does not fit measured device I-V characteristics. Device output con-
ductance is controlled by two model parameters, KAPPA and ETA. KAPPA is used to
model the channel shortening effect and ETA is used in the electro-static feedback model.
Best fit model for the E-device is presented in figure B-1, with the input model parame-
ters and small-signal table listed in table B-1. Measured lcleviee I-V characteristics are also
included for comparison. With ETA=0.18 and KAPPA=0, level-Ill seems to generate
good overall fit. Unfortunately a programming error exists in the electro-static feedback
model which causes the output conductance r, in the extracted small signal table to be
much smaller than that obtained from large Qignal dc analysis. This causes serious prob-
lems in ac analysis. To bypass the problem for ac analysis, Eta is set to zero and KAPPA
is used to fit the output conductance around the desired operating point
(Vos—V7=1.5V and Vps=2.5v). Figure B-2 is the best fit result when KAPPA=0.8 is
used. Notice that output conductance is overestimated at high Vgs—V7. Simulated I-V
‘curves for the depletion device using either ETA or KAPPA is shown in figure B-3 and
B-4 respectively. Tables B-3 and B-4 contain the corresponding input model parameters
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and small-signal table.

In conclusion, the MOS i.nput. model parameters summarized in table B-2 and B-4 are
used in small signal ac analysis so that the extracted small signal mod=l has the correct
" value for r,. However, when doing dc analysis and tmsieﬁ analysis, the parameters in
table B-1 and B-3 can be used to give better overall simulation results.
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+MODEL MENH NMOS 3 VIO=,76 CCSOs1S0P CCDO=300P CCBO=138P

+ RSHe15 CJ=170U CJISW=SQOP TOX=.02U NSUB=2E16 XJ=,2U LD=,15U UO=700
- m-':&iggszgrs-nm THETA=.116 KAPPA=0 GAMMA=.235 XQC=.27 ETA=.18
* Afs -

Operating Point Information:
O®ese MOSFETS

0 M1l M2
OMODEL MENH MENH MENH MENH MENH MENH
ID 2.46e-03 5.92e¢-03 9.81e~03 1.39¢-02 1.77¢-02 4.12¢-03
2.000 3.000 4.000 S. 6.000 2.
2.500 2.500

0. @00 0. e+00 O 0. @+00
7.500-1S 7.50e-15 7.50e-13 7.50¢~-1S 7.50e~15 7.50e¢-1S5
1.50e-14 1.50e~14 1.50e-14 1.50e-14 1.50e¢~14 1.50¢-14
1.38¢~16 1.38e¢~ 1.380~16 1.38¢-16 1.38¢~16 1.38e-16
5.760-14 5.76e-14 S5.76e-14 5.76e-14 S5.75¢-14 S.76e-14
0. e+00 0. e+00 o000 0. ¢+00 2.09¢-15 0. e+00
0. 00 0., e+00 O. @+00 O. e+00 O. e+00 O.

Extrocted output conductence GDS is too small when compored with
.de output in figure B-1{

Qﬂﬂggg%%ﬂgéééé
!

Table B—1 Spice .MODEL Card and Operating Point
Informations with ETA=0.18.
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jum E-MOS I~V (KAPPA=,?S)
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Fig. B-2 Simulated E-device IV characteristic using MOS level-3 with-
" KAPPA=0.75.

Mode! Card:

MODEL MENH NMOS (LEVEL=3 VIO=.76 CCSO=150P CCDO=300P CCBO=138P

+ RSH=15 CJ=170U CJSW=S00P TOX=.02U NSUB=2E16 XJ=,2U LD=,15U UO=700
- w«hggszgrs:um THETA=.116 KAPPA'.'IS GAMMA=,235 XQC=.27

- - -

Operating Point Information:

Q¢¢e¢ MOSEETS

0 Ml M2 M3 M4 M5 M6

OMODEL MENH MENH MENH MENH MENH MENH
ID 2.10e-03 5.75¢-03 9.66e-03 1.35¢~02 1.72e-02 3.
vGs 2.000 3.000 4.000 $.000 6.000 2.500
VDS 2.500 2.500 2.500 .S00 2.500 2.500
V8BS =-5.000 -5.000 =5.000 -5.000 =5.000 =-5.000
VIH 1.001 1.002 1.004 1.005 1.007 1.001
VDSAT 0.758 1.213 1.546 .821 .066 1.
M 3.446-03 4.106-03 4.280-03 4.19¢-03 3.81e-03 3.94¢-03
GOS 1.54¢-04 4.940-04 9.13¢-04 1.396¢-03 2.80e¢~03 3.lle-04

1.00e~04 1.26e-04 1. 4 1.37¢-04 1.31e-04 1.17¢-04

CBD 0. e+00 O. e+00 O. e+00 O. e+00 O. e+00 0. e+00
CBS 0. e+00 0. e+00 0. 0. e+ 00 0. e+00 0. e+00

CGBOVL 1.38e-1 . 1.38e~16 1. 1.38e-16 1.38e-16
cCs 5.76e-14 5.76e-14 5.76e-14 5.76e-14 5.75¢-14 S. 760-14
cco . @00 O. e+00 O. e+00 O. e+00 1.276-15

cCB 0. e+00 0. 0. e+ 00 O. . o. .400

Output Conductancs ot large Vgs—Wt [s overestimated by the model.

Table B—2 Spice .MODEL CARD and Operating Point
Informations with KAPPA=0.75. ‘
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fum D-MOS I-V (ETRA=.24)
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Fig. B-3 Simulated D-device I-V characteristic using MOS level-3 with ETA=0.24.

Model Card:

.MODEL MDEP NMOS gEVE!PS VIO=-1.74 CCSO=1S0P CGDO=300P CGBO=138P

+ RSHE15 CJ=170U CJSW=S00P TOX=.02U NSUB=2E16 XJ=.2U LD=.15U UO=740
- w=‘]&£§g PgSBIEIO THETA=0 KAPPA=O GAMMA=.235 XQC=.27 ETA=.24
« AFs -

Operating Point Information:
Qeese MOSFETS

0 Ml M2 M3 M4 M5 M6

OMODEL MDEP MDEP MDEP MDEP MDEP
1D 2.91e-03 6.760-03 1.10e-02 1.55¢-02 2.00e-02 4.760-03
VvGS .500 0.500 1.500 2.500 3.500 0.
VDS 2.500 2.500 2.500 2.500 2.500 2.500
VBS -5.000 «5.000 -5.000 =5.000 -5.000 -5.000
VTH -1.772 -1.758 ~1.741 -1.724 -1.707 -1.765
VDSAT 0.818 1.078 1.217 1.302 1.358 0.970
o™ 3.860-03 4.56e-03 4.840-03 4.96e-03 S5.03e-03 4.30e-03
CDS 4.370-05 4.600-05 4.46e-0S 3.98e-05 3.540-05 4.76¢-05
B 1.05¢-04 1.21e-04 1.27¢-04 1.28e-04 1.29¢-04 1.15¢-04
CBD 0. e+00 0. e+00 0. e+00 O. 0 O. 0. e+00

CBS @+C! o+0
CCSOVL 7.50e-15 7.50e-15 7.50e-15 7.50e-15 7.50e-15 7.%0e-15

CGBOVL . 16 1.38e-16 1. 16 1.38e-16 1.38e-16 1. 6
cCs 5.76e-14 5.766-14 5.76e-14 5.76e-14 5.76e-14 5.76e-14
D 0. e+00 O. 0. e+00 0. ¢+00 O. e+00 0. e+00
cCB 0. e+00 O, e+00 O. @+00 O. e+C0 O. e+C0 O. @+00

Mcd“wwmdum“ws&boumﬁ'hmmpmm
.de output In figure B=11

Table B—3 Spice .MODEL Card and Operoting Point
Informations with ETA=0.24.
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fum D-MOS I-V (KRPPA=.8)
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Simulated D-device I-V characteristic using MOS level-3 with

KAPPA=0.8.

Model Card:

«MODEL MDEP NMOS L=3 VIO=-1,.74 CCSO=150P QCDO=300P CGBO=1238P
+. RSH=15 CJ=170U CJSW=500P TOX=.02U NSUB=2E16 XJ=.2U LD=.15U UO=740
+ VMAX=1.2ES NFS=1E10 m:o KAPPA=.8 GAMMA=.235 XQC=.27 ETA<D

+ AF=1 KF=6E-28

"Operating Point Information:
o. aee msfm

M1 M2 M3 M4
OMODEL MDEP MDEP
ID 2.39e-03 .66e-03 1.130-02 1.61e-02
VvGS -0.500 0.500 1.500 2.500
VDS 2.500 2.500 2.500 2.500
VBS -5.000 -5.000 -5.000 -$.000
-1.499 -1.497 -1.495 -1.494
VDSAT 0.703 1.022 1.186 1.283
4.01e-03 5.03e-03 5.31e-03 S.37¢-03
GDS 2.17e-04 7.0le-04 1.32e¢-03 2.04e-03
1.100-04 1. 4 1.406-04 1.40e-04
CED 0. e+00 0. e+00 0. e+00 0. e+00

CBS 0. e+00 0. e+00 0. e+00 0. e+00
CCSOVL 7.506-15 7.50e-15 7.50e~15 7.50e-15
CGDOVL 1.50e-14 1.50e-14 1.500-14 1 500-14

CcCs 5.76e-14 5.76e-14 5.76e-14 S 760—14
cCD 0. e+00 0. o+00 O. e+00 0. e+00
CccB 0. e+00 0. e+00 0. e+C0 0. e+00

4.43e-03

2.500
=-5.000

0. e+00
7.50e-15
1 S0e-14

1.38e0-16
5.760-14
0. e+00
0. e+00

0uumt&Nwmnmusethqp\h&ﬂnlounnu&ndwdbyuutmuhL

Table B—4 Spice .MODEL CARD and Operating Point
Informations with KAPPA=0.8.
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A-4 SIGMOS Design Rules

The photolithographic .capability of the SiGMOS process assumes a minimum line
width of 1.5um and a minimum line spacing of 1.5um. Alignment tolerance between dif-
ferent mask levels is 0.75um. Based on these ﬁgurés, the design rules of the SIGMOS
technology are summarized in table D-1. The symbols used in the table are explained as

follows:

'Wa: width of x

Sxy: separation between x and y

Exy: extension of x over y

a: active area, or thin oxide region

b: buried contact

c: metal contact (first layer)

g: poly gate (and buried contact paly)
i: implant

m: metal

v: via hole above field axide only
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SIGMOS DESIGN RULES
FEATURES | MIN. DRMENSIONS

(um) )
Wa 1.5 3
We 1.5 3
| Wg 1.5 3
Wmi 1.5 3
Wm2 5.0 10

Wv 2.25 4.5
Saa 5.0 10
Sam 1.5 3
Scc 1.5 3
 Sga 1.5 3
 Sep 1.5 3
Smm1 15 3
Smm?2 4.0 8
Svv 3.0 6
Eba - 1.5 3
Ebg 0.5 1
| Ega 1.5 3

| Egc 0.75 1.5
Eia 1.5 3
Eig 1.5 3

Emc 0.75 1.5
Emv 1.5 3

A=0S5u
Table D-1 SiGMOS design

]

rules.
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A-S A Transient Analysis Program - Program A-S.

Program A—S5 performs a transient analysis on the circuit in figure 3.9. It was writ-
ten in BASIC for the HP-9836 computer. The program is based on the equivalent circuit
in figure 3.10 and is implementéd using equation 3.20 to equation 3.22. The program pro-
duces three types of output:

1 Vp(t) - output voltages of the N differential pairs versus time,

2  t(n,B) - comparison time versus the number of stage n and the number of bit B for
a given g,,R, and
3 t(n,gmR) - Comparison time versus the number of stage n and the gain per stage

gmR for a given B.

The program prompts for input variables and is soft-key driven.



RN l_.._.._..--..A._.-,...-_..-.-..,-. - fmm e et cmmeitme ibem s mm— - -
20 !PRUGRHH "FUHPQRQIOR ANALLYS LA™ 4/&’ 5 PY h S

o e BB mes s meere s ms e G mem s mm .. .- e a mmEmme s s mEm te Rt mNE e E i e e e - a- -
40 GRRPH[LS OFF

o FRINTER 15 1

.0 MASS STORAGE [S “:THTFRNAL .4,1"

70 COM Vic.Gmr.Vfinal, Nstart.Nstop‘Bltstart.thstop.lstart.Tstup
fe (oM Visbh.5um.R,Gm.B,1 N, Tatep.C,.Gatart ,Gstop

an ALLOCATE Fllenamesl?ﬂl

N DIM [min0:20,1:16) Vourt(0:20.0:100) ,Jct0:100) ,Tmin3¢0:20,0:10)
110 DIM Imin’(0:20,1:16) . Vout1(0:20,0:100), Tming(N:20,0: 1

120 PRINT "COMPARATOR ANALYSIS - 3 by David Soo"

130 ASSIGN &lnput TD “COMPI_IN"

l"? c ENTER §Input:Nstart,Nstop.Ritstart.Bitstop.lstart.Tstop.Vic.Vl1nal .Gnr,Gst
art,Gstop

1" 45SIGN 3lnput T0 «

T1hi) D!

1’9 FOR I=0 0 10

1120 PRINT "

te NEXT I

200 PRINT * NSTART = “:Nstart

20 PRINT * N3TOP = “:Nstop

N PRINT * RITSTART = “:Bitstart

24 PRINT ™ BITSTNP = “iBitstop

San PRINT * 1START = “:Istart

250 PRINT * TSTOP e “:Tstop

2 PRINT ™ VIC = “iVjc

270 PRINT * VFINAL « “:Vfinal

s10 PRINT * GMR = ":Gar

290  PRINT " GSTART s ":Gstart

%0 PRINT * GSTOP * "iGstop

310  INPUT “INPUT NSTART".Nstart

aon THPUT “INPUIIT NSTOP" ,Nstop

3 INPUT “INPUT BITSTART".Bitstart

il JNPUT “INPUT BITSTOP" .Bitstop

300 INPBT " INPUYT 1START",Tstart

N HIPUT *IMPUT TSTOP®.fstop

am INPUT "INPUT VIC *.Vic

' INPUT “THPUT UF LINAL™,Vfinal

N INPUT "INPUT GHR™,Gar
40 INPUT “INPYT FQTRRI".Gslart

410 INPUT " INPUT GSIUP .Gstop
4.'n PURGE “FUHP? _IN .

430 CREATE BDAT “COMP3_IN",11.8
qa0  NSSIGN @Input T0 “COMP3_ IN"

a4 QUTPUT #Input:Nstart.Nstop.Bitstart.Ritstop.Tstart.Tstop,Vic.Viinal.Gnr,Gs
tart,bLstop

ary ASSIGN #Tnput TO «

a0 UN KEY 1 {ABEL "PLOT T(N,B)" GOSUR E

A ON KEY 0 LABEL “PLOT Voc(T,. M) 405UB A

43 UN KEY 2 LARE) "PLOT T(N,(mRo)" GDSUB G

S0 ON KEY @ LABREL "IWPUT TARLE™ RECOVER D '

%10 ON KEY 9 LABEL "PLOT * GNSUB (

S N KEY S FARCL “CAL VYo(T ,N»™ GNSUR B

530  ON KEY 6 LABEL "CAl T(H,B)” GN4UK F

Lan UN KEY 7 LARFL "CAL T(N,.AmRe)™ G0SUR H

LO0 Haat: !

LR bﬂTO Halt

nan

|

S e CGUBROUT THE G- = = o m s e e e e e m

) B!

'
l ........... o = =

Filenamnet

IMFUT “JHPUT DATA FILEMAMF 2" F ) lename$

A5SSIGN #lnput TD Filenamns

CNTER #Iuput :Hutop2.Tstart,Tstop

FUTER &lnputiVoutl(=)

ASLIGN 8luput TO «

Xlabs-"T1IME (sec)™

Y1lab%="Vod (V)"

Xmin=Tgtart

Xmax=Tstop

Ymin=-6

Ymax=6

Xstep=10

Xlabel*S

GNSUR Linlin

CLIP ON

PEN S

Tstep=(Tstop-Tstart)/100

IF Nstart<1 THEN
Nstart2=~|

Notart2=Nstart
END IF
FOR s Nslarlz 10 Nstop2 STEP 1

HOVE 0.,
FOIR T-0 10 99 STCP |
DRAN Telgtep.Voutl(N,T)
NEXT i
NEXT
mpPuT "Dﬂ YOU WISH TQ RE-SCALE",Junk$
{F Junkd-""Y" THF
PRIME “YMAX-*.Ymax
INPUT “INPUT YHQX".Vmal
PRINT “YHIN<" ,Yoin
INPUT “INPUT YMIN",Ymin
PRINT "XMAX=", Xmax
INPUT * INPUT XHHX" Xnax
PRINT “XSTEP-"
INPUT
PRINT
INPUL
PRINT
INPUT
PRINT
INPUT
6NI0 770
END 1F
Plote
INPUT “DU YOI} WISH TO PLOT?" ,Plot$
I¥ Plot$=""Y" THIN GDTN 770
Plotd="N"
RE TURN
(‘ $-- .-
Pln!$ N
ilPNl -
RE TIRN

“YSIFP=*
“XI.ABEL =" ,Xlabe

“YL.ARCL="".Ylabe

Gut N

PN YNU HANT 10 PLOT? “.PlotS

: """ﬂ PLOT Yo(T N
PRINT "“CURRENT FlL[NﬂHt 15"

eecimmmemmeomeoT() ENABLE PLATIER---==-=-omsmommmmmomos

ceme-==10 CALCULATE Vot T. W

-10Z-

“INPUT XQ[(P (\0 15,20 ETCY" Xstep
“INPUT YSI[P (10 15,20 ETC)".Ystep
“THPIIT XLRBEL (% 6,7 ETC)",Xlabel
“INPUT YLABEL (% 6,7 ETCY",Ylabel



Gm=8.0E-5
ReGmr/8.0€-5
CeGm/(2=3.1416+3,65E+9)
IF Nstart<! THEN
Nstartl-1
ELSE
Nstart2-Nstart
ND IF

Toteps(Tstop-Tstart)/100
FOR B-Bntstart T0 Bitstop STEP 1

Visb=2/¢2 P
FOR T=1 TQ |00 STEP 1
Vout(0.1)-V]icb
NEXT T
FOR N=N=tart2 TO Nstop STEP 1
Vout(N,0)-Vic
Tmin(N, ) =1
NEXT N
\ Tmin¢0,B)=)
z CALCULATE:
Nstop2+Nstup
Flag=1
FOR N-Nstartz 10 Nstop STEP 1
F0521R1E;g(9|/§ Es It(N T-12/3.%)"2)
=R »(You
Vout(N.T)=(Vout(N,T- 1)+(Gn/CoVout (N-1,T)eTstep) ) /(1+(Tstep/(R22C)))
IF Yout(N,T)<Vic TNFN Vont(N =Vic
PRINT "B=":B,"N=":N,"T«":T,"V0UT=":Vout(N,T)
1 Vout(N.I)>Vflna| THEN
Vout(N,T)+=Viinal
Tmin(N,B)=TeTstep
IF Tmin¢N,B)»>Tmin(N-1,B) AND Flag=1 THEN
Flag=Vl
Nstop2=N+2
END It
FAR T2=T+1 70 99 STEP 1
Vout (M, T2)=Vf inal
NEXT T2
IF N=Mstop2 THEN GOTO 1550
GRIN 1640
END IF
NEXT T
NEXT N
NEXT B ,
; STORE DATA ONTD DISC:
CAT
Junk =YY"
PRINT “CHRRENT FI1LENAME 1S":F i lename$ '
INPUT “JHPUT DATAFILE NAMF" .Filenamet

It Filename$="" THFH GOTO 1830
INPUT DR YOU HANT 1N PURGE OLD FILE? «YV)* , Junk$
IF Junk%="Y" THEN
PURGE ¥ lenamed
END (IF
CREATE BDAT Filename$,2200,.8
ASSIGN &Input T F)ilenamet

10

MUTPUT *luput:Nctopl.fstart . latop

1810 QUTPUT #lnput:Voutt»)

1920 ASSIGN 8lnput TO «

1ﬂ3ﬂ RE TURN

I 10 CALCULATE TN BY-----+ - ccneee- SRR
60 Gm=3.0( -5

3:350 R-Gmr /9. OE 5

1870 C=6rm/(2»3.1416%3 ,R5F +7)

1280 IF Metart<) THEN

1890 Nztart2=1

1mg ELSE

1190 NstartZ-Notart

1320 END IF

1130 Tatepr(Tstop-Tatart)/Z100

1340 FOR E+Bitstart TN Ritstop STEP 1

11%0 Yiabh=2/¢2 Ry

1960 FOR T~1 10 100 STEP 1

170 Yout(0, M =V]eh

19830 MEXT T

[MET)] FAR MsNstart? 70 Nstop STEP |

2000 Vout(N,0)=Vic

o0y Inin(N,B)=1

2020 NEXT N

S0 TainC0,RY=1 ,

JSnan ~N

{353 z CALCULATE: o

<U+

L6720 Nstop2<Nstap ﬁa

Q0RO Flaq-1

2030 l"R Me=Nstart2 T0 Nctop STEP 1

2100° FOR T~1 T0 99 STEP 1

200 R2=ReEXP(-1/29(Yout(N,T1-11/3.5) 2)

2120 Vout(H,1)=(Vout(N,T- l)*(Gn/COVout(N 1., Nelstep))/(1+(Tstep/(R2e()))

2130 IF Yout(N,1)<Vic THEN Vonut(N,11=Vje

2140 PRINT "B=":B,"N=":N,"T=":T,"V0UT=":Vout(N, 1)

<150 IF Yout(N.T¥>Vfinal THEN

21b0 Vout (N, T)=Vf nal

2170 Tmin(N.B)=TeTstep

2180 IF Tein(N,B)>Tain(N-1,B) AND Flag~1 THEM

2190 Flaq=0

2200 Nstop2=N+2

o010 END 1F

2220 FOR T2=T+1 TN 99

R () Vout (N, T2)»Vf1nal

2240 NEXT T2

<050 IF N- N<t092 THEN GO0 2300

2260 GNT0 2290

M0 END IF

2200 NEXT T

&9 MEXT H

2300 NEXT B

: ‘0 [ ]

7320 1 STORE DATA ONTO DISC:

23w

.an Lnl

23500 Junk ReY”

S0 PRINT “CURRCNT FILENAME IS":Tilename$

24 INPUI 'INPUI DRTﬂFlL( NRH! * FllnnanﬂS

200 IF Filename$="" THEN GDIQ &

*an INPUT “D“ Yo NRNT 16 PNRGF ﬂ'D FILE? (Y)" ,Junks



2400
2410
20
Jal0
2440
050
2450
2470
2410
<190
LU0
J010
290
%10
2540
0"1‘)0

)ﬁﬂ

R
2600
2L10
<b20
830
2640
250
2650
.u70
2680

00

L0
Jlan
50
SO0
LN
i 1]}
AR B 1]

IF Junk$="Y*" THLCN
PURgE Filename$

END T
CREATE BDAT Filename$.(21«16)+6.8

ASSIGN &Input TO Filename$

OUTPUT #Input:Bitstart.Bitstop . Hstart Nstop.Tstart.Tstop

OUIPUI @lnput:Tmin(e»)
SGIGN ®lnput TQ «

PRINI “CURRENT FILE IS “;Fi1lenames
INPUT “INPUT DATA FILE NAME?".F,lename$

ASSIGN &#Input T0 Filename$

ENTER ®Input:Bitstart,Bitstop,Nstart.Nstop. Tstart Tstop

ENTER 9[nput:Tmin2(=)
ASSIGN @lnput T0 =
Xlab$="Number of Stage N"
Ylab$="1ime to V-final (gec)"
Ymin~Tstart
Yoax=Tstop
Xmin=0
Xmar=Nstop
Xatep=10
Ystep=10
Ylabel~=S
Xlabel=5S
GOSUB Linlin
CLIP 1,Xmax.Ymin,Ynax
PEN 5
LORG S
FOR B=Bitstart TOD Bitstop STEP 1
Flag=1
FOR N<Nstart TO Nstop-1 STEP |
IF Tmin2(N,B)3Tstop THEN
GOTO 2830
ELSE
IF Tmln (N-1,BTstop THEN
MOVE N lman(N B

LoE
DRRN N, Tmin2(N,B)
EN
CND T

. 13 Imlncfﬂ 8)<-Tmln21N 1.BY AND Tran2(H.R)<=Tmin2(N+1,8) AND TnnnZ(N R
)flvtop THEN

CSIZE 3..6 '
LABEL B
CoI2e 2,.6
LHPV[ N. lnln?(N B)
~
IF Tmin2¢N, B)(Tstop THEN
LAREL ="
MOVE N, Tnln.(N R)
END 1f
FND 1F
NEXT N
MOVE 0.0
NEXT B
INPUT DO YOU HI°H TN RE-5CALE"
IF Junk$="Y" THLN
PRINT "YMAX~*, Ymax

cJunk®

3000
migy
an20
.30
3anan
20450
2060
a0
RUET
2090
2100
Ao
3120
13130
1140
3150
3160
2170
180
3190
1200
2210 H
322
Jo
3240
3790

Jda70
3280
4290
3300
1o
3320
2210
3240
3950
3360
370
3380
3390
1400
aa10
3420
1430
3440
SNy
31,0
7N
3400
ann
3400
2410
1520
R
%40
)
'!l_.'l..u
350
YAl
3401

INPUT “INPUT YHAX".Ymax
PRIMT “YMIN=", Ym0
INPUT “INPUT YMIH" Yein
PRINT *“XMAX-", Xmax
INPUT “THI'HT XHAX" Xmax
PRINT “XMIN-",Xmin
INPUT " INPUT XMIN", Xmin '
PRINT “XSTEP+",Xste
INPUT " INPUT xsrtp (10 15.20 ETC".Xstep
PRINT “YSTEP+*,Yst
INPUT “INPUT YSTEP «10 15,20 ETCY" Ystep
PRIHT *X| AREL~".X)ab
INPUIT “INPUT XLAREL (5 6.7 ETCY" Xlabel
PRINT “YLAREL=".Ylabel
INPUT "INPUT YLABEL (5.6.7 ETC)",Ylabel
GOTO 2670
END IF
Plots="N"
INPUT DD YOU WISH T0 PLOT?",Plot$
IF_Plot$="Y" THEN GOTO 2670
RETURN
------------------- T0 CALCULATE T(N,GmRo)--=---===-===-===-mmommmocon-
EmeR 0E 5

C-Cn/(2+3,1416%3,65E+9)
IF Hstart<1 THEN
Netart2+!

ELSE

Nstart2=Nstart
D I¥

Totep~(Tstop-Tstart)/100

FOR G=1

T0 10 STEP 1

Gotep=(Gstlop-Gstart)/10
- Gatn=Gstart+(G-1)=Gstep
R=Gain/8.0F -5
FUOR B- Bltstart T0 Bitstop STEP 1
Visb=2/¢2 B
FOR T-1 10 100 STEP 1
. Yout(0,7=V]sb
NEXT T
FOR N=Nctart2 TO Nstop STEP 1
Vout(N,0)=Vic
ITmin3(N, G~
NEXT N
Tmin3€0.G)=1

! CALCULATE:

Nstop2=Nstop

fFlaa=1

FOR H=Netart2 TO Nstop QTEP 1
Suns=0
Vout 1, 1) =Yout(N,0)
rna T-1 10 99 STEP 1

RDRSEXFC-1/02(Vout(N,T-1)/3.5 29
Vout(N T)=(Vout(H,I- I)O(Gn/C‘Vou((N -1.elstep))/(

1IF Vout(N,T)<Vic THEN Vout(N,T)=Vic .
PRINT “GATN: " Gain,"H="tN " F=":T,"V0UT=":Vout (N, T}
Ih Vout(N,1»Vfnal THEN

Vout‘N.l)-Uflnal

14(Tstep/(R2%C))



Tnind(N,G)=TeTstep
IF Tein3(N.G)>Tmin3(N-1.G) AND I'lag=1 THEN

fFlag=0
Nstop2=N+2
END IF
FOR T2=T+1 10 99
Vout(N,T2)=Vfinal
NEXT 12
IF N=Nstop2 THEN GOTD 3720
GOTD 3710
END IF
NEXT T
NEXT N
NEXT B
?EXT G
! STORE DATA ONTO DISC:
'

é“' II L

unk
PRINI *CURRENT FILENAME 1S":Filename$
INPUT "INPUT DATAFILE NAHE.".FllenameS
IF Filename$~="" THEN GOTO 391
INPUT DO YOU WANT TO PURGE ULD FILE? (V)" ,Junk$
IF Junk$="Y" THEN
PURGE Ftlename$

END IF
CREAIE BDAT Filename$,(21=11)+5,8
SSIGN @lnput TO Filename$
OUIPUI @Input:Nstart,.Nstop.Tstart,Tstop.Gstart.Gstop
QUTPUT @lnput:Tmin3(=)
ASSIGN Slnput TO =
RETU N

AT

PRINT *“CURRENT FILE IS “:Fillename$

INFYT “INPUT DATA FILE NAML?”,Filename$

ASSIGN @Input TO Filename$

ENTER &lnput;iNstart,.Nstop.Tstart.Tstop.Gstart.Gstop

ENTER ¥lnput:Tmind(=)

ASSIGN ®input TO =

X1lab%="Number of Stage N"

Ylab%e"Time to V-final (sec)”

Ymin-Istart

Ymax-Tstop

Xmin=Nstart '

Xmax>Nstop

X=tep~ i)

Yitep+10

Xlabel=5

Ylabel~S

GOSUB Linlin '

CLIP 1.Xmax,Ymin,Ymar

PEN S

LORG S

FOR G=1 T0 10 STEP 1

Gstep=(Gstop-Gatart)/10

Gain-Getart H(G-1)sGatep)

FOR BeRitstart 10 Bitstop STEP
Flag~!

i lommmemmeecmeceoooos 0 PLOT T(N,GHRO)-----===--=-=cc-mccenmmnn

7190
a2no
At
n220
4230
4240
4:50
4260
a0
4280
7.'90

4300
4310
a3y
43130
4340
43%0
41360
N30
4330

n9Q

a400
4410
a420
an30
4440
4450
4460
44790
4480
4490
a4500
4510
a%20
45 30
A%a0
4551)
24560
4570
a4n80
4590
41,00
4610
41,20
4630
4640
4650
4660
a0
4680
8630
acim
a710
a4r20
a7 i
4. 41)
440
Aln0
arin
A/ 30

FOR

N-Metart TO Mectop-1 STLP |

IF Toin4(N,G)>Tstop THLN

GO0 4290

ELSE

END

TF Tmind(N-1,G)>Tstop THEN
HOVE N, Tmindd(N,G)

FLSC
DRAN N, Tmind(N,.G)

EN?FI

1IF Tmind(N.G)<<Tmind(N-1,6) AND Tmind¢(N.G)<=Tmin4(N+1,G) AND Tmina(N
«G)<Tstop THEN

CSIZE 3..6
LABEL Gain
CS1L2E 2..6
HOVE N.Tmind4(N,G)
ELSE
1F Tmlna(N 6)(Tstop THEMN
LABEL °*
MOVE N, Tman(N 6)
END TF
END IF
NEXT N
MOVE 0,0 '
ENEX] B ~
INFUT DO YGU WISH TO RE-SCALE",Junk$ 52
IF Junk$="Y" THEN 1
PRINT "YMAX=".Ymax
INPUT “INPUT YHQX“.Vnax
PRINT “YMIN-".Ymin
INPUT “INPUT YMIN",Ymin
PRINT “XMAX="', Xmax
INPUT "INPUT XMAX',Xmax
PRINT “XMIN=" ,Xm1in
INPUT “INPUT XHIN“ ann
PRINT “XSTEP="
INPUT “INPUT XSIEP (10 15,20 ETC)” ,Xstep
PRINT “YSIEP=",Ycte
INPYT *“INPUT YSTEP (!0 15,20 ETO)”,Ystep
PRINT “XLOBEL=",Xlabel
INPUT "INPUT XLABEL ¢4,5,6 ETC)",Xlabel
PRINT “YLAREL-=",Ylabel
INPUT "INPUT YLABEL ¢4,5,6 ETC)”,Ylabel
GOT0 4100
END [IF
Plot$="N"
INPUT “DD YQU HISH TQ PLDBT?",Plot$
IF Plot$="Y" THEN GOTOQ 4100
REIURN
--------------------------- SUBRAUTINES <= ~-==----coomcmcccmmrmmmem o
'IHI" PRNOGRAM HMAKES A LIN-LIN GRAPH PNPER
'IHE SCAILE .IABLLS CAN RE INPUIFD THROUGH THE KEYBQARD
Llnlln' ¢
GINIT
IF Plot$="Y" THEN
PLOTTER IS 708,"HPGL"
FLSE
GRAPHICS ON
END IF



2790 glg Xlab$(a0],Y)absl40)
1810 HUVF 70.4

LOK

11“30 (,SIZE 3- ’co

4340 LDIR O

A50 PEN 5

40L0 LABREL Xlabs
4870 MOVE 5,50

4880 LDIR 90
A90 LABEL Ylabs

4900 VIEWPORT 20.115,10,85
A0 WINDOW Xmin.Xmax,.Ymin,Ymax
4920 PEN 1
A130 IF Plot$="Y" THEN
wao LLINL TYPE 1

E
a3R0 e LINE TYPE 3

4480 GRID (Xman-ann)letev.(Ynax len)/Y:tep.Xmln.len.l !

49390 LINE TYPF 1

LT AEESS(Xmax Xmin)/Xstep/2,(Ynax-Ymin)/Ystep/2,.Xmin,¥min, 2,2
N

2 P

4920 LINE TYPE 1

S030 FRAME

Y040 PEN 1

5050 CLIP OFF

“U60  GOSUR Lxaxes
5070 GOSUB Lyaxes

SU80  PENUP

S090 MHOVE Xmin,Ymin
; RETURN

5110 Lxaxes: !
59120 FOR XpeXmin 70 Xmax STEP (Xmax-Xmin)/Xlabel
5130 HDVE Xp.Yain-(Ymax-Ymin) /S0

a0 CSIZE 2,.6

51%0 LORG ©

'160 LDIR 0

5170 lRBEL USING "D.DESZZ":Xp
S1R0  NEXT

5190 RFIURN

5200 Lyaxes: ! :
10 FOR Yp-Ymin 10 Ymax STEP (Ymax-Ymtn)/Ylabel
5220 HOVE Xmin-(Xmax-Xmin)/80.Yp

230 CSIIE 2..6

5241 LORG 8 ’

'S0 LDIR ©

"'60 LRBEL USING "SD. DESZZ“'VP

970 NEXT

010 RETURN

95290 END

-S0Z-
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Figure Captions
Fig. 2.1 Depletion-mode inverter.
Fig. 2.2 Typical layout of a depletion-mode inverter.
Fig. 2.3 Simulatedv DC transfer curve and gain of inverter.
Fig. 2.4 Small signal equivalent circuit of inverter.
Fig. 2.5 Simulated frequency response of inverter.
Fig. 2.6 Simulated input capacitance of inverter.
Fig. 2.7 Source follower. |
Fig. 2.8 Simulated DC transfer curve and gain of source follower.
Fig. 2.9 Small signal equivalent'circuit of source follower.
Fig. 2.10 Y-Parameter two-port representation of source follower.
Fig. 2.11 Circuit used in source follower simulations.
Fig. 2.12 Simulated frequency response of source follower.
Fig. 2.13 Simulated input capacitance of soun;.e follower.
Fig. 2.14 Circuit used in fr definition.
Fig. 2.15 Equivalent circuit used in fr calculation.
Fig. 2.16 Transistor fr versus bias voltage.
Fig. 2.17 Simulated frequency response of inverters with different width W.
Fig. 2.18 Gain-bandwidth product of inverter versus width.
- Fig. 2.19 Common-drain-common-source pair.
Fig. 2.20 Simula;ed frequency response of CD-CS stage.

Simulated ring oscillator delay.
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Fig. 2.22 Resistive local-series-local-shunt feedback amplifier configuration.
Fig. 2.23 Active shunt feedback amplifier configuration.

Fig. 2.24 Important parasitic capacitances of ASF-amp.

Fig. 2.25 Equivalent circuit of ASF-amp.

Fig. 2.26 Simplified equivalent circuit of ASF-amp.

Fig. 2.27 Root locus of active shunt feedback amplifier.

Fig. 2.28a  Active shunt feedback amplifier (ASF-amp).

Fig. 2.28b  Buffered active shunt feedback amplifier (BASF-amp).

Fig. 2.29 Simulated frequency response of ASF-amp.

Fig. 2.30 Simulated frequency response of BASF-amp.

Fig. 2.31a Simulated‘ DC transfer curve and gain of ASF-amp.

Fig. 2.31b  Simulated DC transfer curve and gain of BASF-amp.

Fig. 2.32 Circuit used in noise analysis of BASF-amp.

Fig. 2.33 Simulated noise figure of BASF-amp.

Fig. 2.34 Three-stage active shunt feedback configuration.

Fig. 2.35 Three-stage active shunt feedback amplifier (ASF3-amp).

Fig. 2.36 Simulated frequency response of ASF3-amp.

Fig. 2.37 Simulated frequency response of ASF3-amp when gR, is varied by £10%.
Fig. 2.38 Simulated frequency response of ASF3-amp when C, is varied by £25%.
Fig. 2.39 Calculated amplifier gain versus 8mRo.

Fig. 2.40 Calculated amplifier gain sensitivity to g,,R,.

Fig. 3.1 An ideal input sampler with clock, input and output waveforms.

Fig. 3.2 A MOS sample-and-hold which consists of two MOS track-and-hold.
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A differential MOS T/H.

Common-mode half-circuit of MOS T/H before and after clock transition.
Differential-mode half-circuit of MOS T/H before and after clock transition.
Simulated frequency response of T/H for various values of Wi2.

Simulated common-mode output voltage of 7/H

Simulated differential-mode output voltage of T/H.

Configuration of Comparator I - cascade of open-loop amplifiers.

Complete circuit schematics of a pair of open-loop amplifiers used in figure
3.9a with a common-mode feedback biasing scheme.

Small signal equivalent circuit of figure 3.9.

Simulated step response of the comparator in figure 3.9 using program A-S5 ‘
with B=6, V,(0)=-5V and g,R=4.5.

Simulated step response of the comparator in figure 3.9 using program A-S5
with B=10, V,(0)=~-5V and g,R=4.5.

Simulated comparison time #, of the comparator in figure 3.9 versus n and B
using program A—S with gnR=4.5, V4(0)= -5V and Vjgmu=+5V.

Simulated comparison time ¢, of the comparator in figure 3.9 versus n and
amR using program A_S with B=6, V,(0)=—5V and Vguy=+5V.

Simulated comparison time t. of the comparator in figure 3.9 versus n and
gmR using program A~5 with B=10, V,(0)=~-5V and Vgny=+5V.
Complete schematic of a 6-bit comparator based on a cascade of open-loop
amplifiers.

Simulated DC transfer curve of the open-loop amplifier in figure 3.9b.

Simulated step response of the comparator in figure 3.16 using SPICE.
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Typical input and clock waveform of a decision circuit.
SPICE simulation of the comparator in figure 3.16.
Worst-case input and clock waveform used in the simulation.

Simulated output waveforms of the comparator when the sampling rate is

300M$/s and the input phase error is -120 degrees.

Simulated output waveforms of the comparator when the sampling rate is

600MS/s and the input phase error is 0 degree.

Configuration of Comparator Ila - cascade of open-loop amplifiers with

sht.mt MOS reset-switches.

Configuration of Comparator IIb - “cascade of open-loop amplifiers with
feedback MOS reset-switches.

The single-ended comparator of a 25SMS/s flash A/D [22].

Small signal equivalent circuit of figure 3.21a and 3.21b when & is low.
Simulated step response of a cascade of open-loop amplifiers with reset (no
initial condiﬁonS) using SPICE with Vi3,=31mV.

Simulated step response of a cascade of open-loop amplifiers with reset (no
initial conditions) using program A-S with g,R=4.5 and B= 6

Calculated step response of a cascade of open-loop amplifiers with reset
using equation 3.31 where g,R=4.5, Vi,=31mV and T7=43.6ps.

Calculated comparison time . of Comparator II versus n and B using equa-

tion 3.31 where g,,R=4.5 and 77=43.6ps.

Simulated comparison time ¢ of Comparator II versus n ans B using
program A-S with g,,R=4.5 and r7=43.6ps.

Calculated step response of a cascade of open-loop amplifiers with reset

using equation 3.33 where g,R is assumed .
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Calculated comparison time ¢, of Comparator II versus n and B using equa-
tion 3.35 where Vg =5V.

Simulated comparison time #. of comparator I versus n and B using
program A—35 with gnR=100, V,(0)=0, and Vgy=5V.

Simulated comparison time . of comparator II versus n and g,R using
program A—5 with B=6 and Vgay=5V.

Complete schematic of a 6-bit open-loop comparator with shunt MOS reset-

switches.

Complete schematic of a 6-bit open-loop comparator with feedback MOS
reset-switches.

Input and clock waveforms used in the SPICE transient simulation of the
comparator in figure 3.29a '

Simulated output waveforms of the circuit in figure 3.29a with all offset vol-

tages equal to zero using SPICE.
A detail plot of the voltages in the input S/H of figure 3.29a.

Simulated output waveforms of the circuit in figure 3.29a with offset vol-

tages of alternating sign (+15mYV, -15mV, etc.) using SPICE.

Simulated output waveforms of the circuit in figure 3.29b with offset vol-
tages of alternating sign (+15mV, -15mV, etc.) using SPICE.

Simulated output waveforms of the circuit in figure 3.29a with offset vol-

tages of the same sign (+15mV) using SPICE.

Configuration of Comparator IIl - Pipeline of differential amplifiers.
Pipeline of simple differential pairs - OL-amp.

Pipeline of differential Active Shunt Feedback Amplifier - ASF-amp.
Pipeline of differential Buffered Active Shunt Feedback Amplifier - BASF-

amp.
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Simulated step response of the simple differential pair in figure 3.33a.
Simulated step response of the ASF-amp in figure 3.33b.

Simulated step response of the BASF-amp in figure 3.33¢ with C.=0.
Simulated step response of the BASF-amp in figure 3.33¢ with C.=10fF.
A simple bipolar latched comparator.

A simple MOS latched comparator with input S/H.

Differential-mode half-circuit of figure 3.38 when ¢ is high.
Differential-mode half-circuit of figure 3.38 when ¢, is high.

Calculated acquisition time 7, versus g,R and B of a simple latched com-

parator using equation 3.47.

SPICE simulation of the simple latched comparator in figure 3.38.
Clock and input waveforms of the sixﬁulation.

Simulated waveforms in the input S/H.

Output waveform of the simple latched comparator.

Detailed output waveform showing acquisition time of the comparator.

Complete schematic of a comparator using open-loop preamplifiers with

reset-switch and regenerative output latch.

Simulated acquisition time of the comparator in figure 3.42 using
program A=5 with gnR=4.5, B=6, V1(0)=V2(0)=0V and V3(0)=-5V.

SPICE simulation of the comparator in figure 3.42.
Clock and input waveforms of the simulation.
Simulated waveforms in the input S/H.

Output waveforms of the comparator.

Detailed output waveform showing acquisition time of the éomparator.
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Simulated delay of a cascade of 5§ open-lcop amplifiers with reset driving a

simple latched comparator using program A-5 with g,R=4.5, B=6, V;(0)

to Vs(0)=0, and Ve(0)=-5V.

Complete schematic of a comparator using feedback preamplifier and regen-
erative output latch.

SPICE simulation of the comparator in figure 3.46.

Clock and input waveforms of the simulation.

Simulated waveforms in the input S/H.

Output waveforms of the comparator.

Detailed output waveform showing acquisition time of the comparator.
5002 output buffer.

Measured dc transfer curve and gain of the 5000 output buffer.
Measured frequency response of the 500} output buffer.
Simulated frequency response of the 500} output buffer.
Wide-band feedback amplifier.

Measurement setup for the feedi:oack amplifier.

Die-photo of the feedback amplifier and its output buffer.
Measured frequency response of the feedback amplifier.
Simulated frequency response of the feedback amplifier.
Measured noise figure of the feedback amphfier

Latched comparator.

Measurement setup for the latched comparator.

Die-photo of the latched comparator.

Measured waveforms of the latched comparator at 250MS/s and 750M¥/s.
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Measured output eye-diagram at 750M$/s.

Measured input resolution of the latched comparator.
Measured transistor I-V characteristics.

Measured transistor transconductance and saturation current.
Measured transistor output resistance.

Measured transistor back-gate transconductance.

Measured normalized transistor capacitance.

Cross section of a MOS transistor showing parasitic and intrinsic capaci-

tances.
Simulated E-device I-V characteristic using MOS level-3 with ETA=0.18.

Simulated E-device IV characteristic using MOS level-3 with
KAPPA=0.75.

Simulated D-device I-V characteristic using MOS level-3 with ETA=0.24.

Simulated D-device I-V characteristic using MOS level-3 with KAPPA=0.8.
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