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Abstract

Low-Power Low-Voltage
Analog-to-Digital Conversion Techniques

Using Pipelined Architectures

by

Thomas Byunghak Cho

Doctor of Philosophy in

Engineering - Electrical Engineering and Computer Sciences

University of California at Berkeley

Professor Paul R. Gray, Chair

With a recent boom of portable applications from camcorders to wireless personal

communication devices, power reduction in high speed A/D converters is becoming

increasingly important to minimize battery drain for longer device operating hours. Low

voltage operation is another key requirement for these A/D converters in order to be

integrated in larger mixed signal IC's containing mostly digital blocks from DSP and

control.

The main objective of the research is to examine the fundamental limitations to

high speed CMOS A/D converters and to develop techniques to reduce power dissipation

and to allow low voltage operation in a pipeline A/D converter architecture. Proposed

circuit techniques for low power consumption are the use of fully dynamic comparators

that dissipate no DC power, made possible by the digital correction within the pipeline,

and optimum scaling of switched capacitor circuits down the pipeline. Also, to be

compatible with low voltage mixed-signal system environments, a switched capacitor



circuit in each pipeline stages is implemented and operated at 3.3V with a new high speed

low voltage operational amplifier, and dynamic gate voltage boosting technique is used to

operate transmission gates with full analog voltage switching capability on a 33V supply.

To verify the effectiveness of the proposed techniques, a lObit 20MS/s pipeline A/

D converter is designed and fabricated in 1.2pmCMOStechnology. The test results show

that 59.1 dB of SNDR(signal-to-noise-plus-distortion ratio) can be achieved for the input

frequency of 100kHzwhile the wholeA/D converter dissipates only 35mW at 20MS/S. At

lMS/s and reduced bias current, the power dissipation is only 2.8mW with 58.0dB of

SNDR.

Paul R. Gray, Chairman ofConsmlttee
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CHAPTER 1

Introduction

1.1 Motivation

Reduction of the power dissipation associated with high speed sampling and

quantization is a major problem in many applications, including portable video devices

such as camcorders, personal communication devices such as wireless LAN transceivers,

in the read channels of magnetic storage devices using digital data detection, and many

others as illustrated in Fig. 1. In the past, high-speed A/D converters required for these

applications in the sampling rate range above 5 Msample/sec (MS/s) with 8 to 12 bit of

resolutions have consumed large power ranging typically from 100 mW to 500

mW[7][8][9][ll][12][13][14][15][17][18][19][22][23][24]. For battery-powered portable

applications this level of power consumption may not be suitable, and further power

reduction is essential for power-optimizedA/D interfaces.

Low voltage operation is another important key factor in these portable A/D

interface environments. With the trend thatA/D interfaces are incorporated as a cell in

complexmixed-signal ICs containing mostly digitalblocksfor DSP and control, the use of

the same supply voltage for both analog and digital circuits can give advantages in

reducing the overall system cost by eliminating theneed of generating multiple supply

voltages with DC-DC converters. Therefore, in order to becompatible with low-voltage

systems, a new generation of A/D converters thatcanoperate at supply voltage below 5 V

l



(a) Video-imaging systems

LO

(b) Personal communication system

j^l 1 Filter —»
A/D
Converter

—• DSPy^3'/ >

(c) Disk drive read channel

FIGURE 1. Examples of analog-to-digital interfaces.



is desired.

With recent improvements on higher speed and higherintegration capability of the

scaled technologies, a CMOS technology is becoming increasingly attractive as a cost-

effective solution for many applications once reserved for bipolar or other fast

technologies. This trend is expected to continue with scaled sub-micron CMOS

technologies.

Among many types of CMOS A/D converter architectures, a pipeline architecture

can achieve good high input frequency dynamic performances and as a high throughput as

the flash ADC due to a S/H circuit in each stage of the pipeline for concurrent

processing[2][5][6][8][9][12][13]. In this dissertation, both fundamental and practical

limitations to the power dissipation in CMOS A/D converters are examined, and

techniques to allow low power and low voltage operation of the pipeline architecture are

described.

To verify the effectiveness of the techniques, a lObit 20MS/s pipeline A/D

converter is designed and fabricated in 1.2|im CMOS technology. The test results show

that 59.1 dB of SNDR (signal-to-noise-plus-distortion ratio) can be achieved for the input

frequency of 100kHz while the whole A/D converter dissipates only 35mW at 20MS/s. At

lMS/s and reduced bias current, the power dissipation is only 2.8mW with 58.0dB of

SNDR.

1.2 Thesis Organization

In Chapter 2, fundamental limitations to the power dissipation in CMOS A/D

converters are discussed by examining implementation issues on three key functions,

sampling, quantization, and reference generation. Practical issues are also briefly

discussed.



In Chapter 3, severalhigh speed CMOS A/D converterarchitectures arereviewed.

First, a flash A/D architecture is presented and its limitations are studied. Then, an attempt

is made to present how ADC architectures have evolved to reduce power and area from

the power dissipation point of view.

In Chapter 4, the pipeline architecture is presented in more detail from its basic

operation to actual implementation of each pipeline stage.

In Chapter 5, techniques to reduce the power and to allow low-voltage operation of

the pipeline architecture are presented.

An experimental prototype A/D converter has been fabricated, and its

measurement results are presented in Chapter 6 along with discussions on key

performances.

Finally, the conclusion is presented in Chapter 7.



CHAPTER 2

Fundamental Limitations to

Power Dissipation of CMOS

Analog-to-Digital Converters

2.1 Introduction

In electronic signal processing, the A/D conversion process involves sampling the

applied analog input signal and quantizing it to its digital representation by comparing to

reference voltages before further signal processing in subsequent digital systems.

Depending on how these functions are combined, different A/D converter(ADC)

architectures can be implemented with different requirements on each function. For

instance, while the flash architecture requires many precision comparators, the pipeline

architecture requires precision op amps. In order to implement power-optimized ADC

functions, understanding the performancelimitations of each function is important before

discussing the system issues. In this chapter, the concept of the basic A/D conversion

process and the fundamental limitation to the power dissipation of each key building block

are presented.

2.2 Basic A/D Conversion Concepts

The basic concept of the A/D conversion process can be explained with a 3-bit

5
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output

FIGURE 2. A/D conversion using aresistor string(N=3)

flash ADC shown in Fig. 2. When the continuous-time continuous-value input signal is

applied, the input sample-and-hold (S/H) circuit1 first samples the signal and holds the

sampled amplitude constant for a period of time. During this time, comparators compare

the held signal with reference voltages generated from the resistor string, and the resulting

thermometer code from the comparator outputs is encoded into a digital binary

1. Not all ADC's have the input S/H circuit,and the limitationsarediscussedin section 3.2
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representation. Then, the S/H circuit samples a new input voltage, and the whole

conversion procedure repeats for the next sample.

Three key functions performed during this process are: sampling, quantization,

and referencegeneration. The power dissipation associated with each function depends on

its accuracy requirement In the following sections, both fundamental and practical

limitations on the performance of each function and how they relate to the power

consumption are discussed.

2.3 Sampling in MOS Technologies

2.3.1 Basic MOS Sample/Hold Circuit

The function of the S/H circuit is to track/sample the analog input signal and to

hold that value while subsequentcircuitry digitizes it. In MOS technologies, this function

is implemented by storing theinput signal voltage onasampling capacitor through a MOS

transistor switch and holding the voltage for subsequent stages usually with some active

circuitry suchasop amps. Sincethe achievable precision of the S/H function is limited by

the initial accuracy of the sampled signal, the fundamental accuracy is limited by the

accuracy of the sampling circuit, not the activecircuitry which holds the value.

The limitations of sampling can be studied with a simple MOS S/H circuit

implemented with one MOS transistor and one capacitor as shown in Fig. 3. During the

sampling phase of the clock, the voltage on the sampling capacitor C§ tracks the input

voltage through the MOS transistor switch. Then, in the next clock phase when the clock

Vg goes low, the transistor turns off and the input voltage is sampled and held on the

capacitor for further processing.

In this simple MOS S/H circuit, a number of non-idealities produce errors, and



Vg:

Sample

Track | Hold
5

+

Vg

J_

:Vx

FIGURE 3. A simple MOS S/H Circuit

they can be categorized into two groups, deterministic components and random

components. The term "deterministic component" refers to an error source whose

relationship with the signal is known to be consistent from sample to sample, such as the

finite bandwidth in the sample mode, the signal-dependant charge injection from the MOS

transistor, clock feedthrough, etc. Various circuit techniques have been developed to

cancel or to suppress these effects to achieve high sampling accuracy. In Table 1, error

sources and possible solutions/techniques are shown. In [2], the accuracy up to 15bits has

been reported using these techniques. Therefore, deterministic components do not set the

fundamental limit for the input sampling to the first orderat least at resolutions in the 8-12

bit range . Brief discussions and references on the deterministic error components are

1. According to [10], it appears thatthere's no fundamental limiton the performance of the MOS S/H,espe
ciallyat low input frequency. However, forhighinput/sampling frequency, various practical considerations
(such ascapacitive loading, offsets,etc.)setthelimit to theachievable accuracy of theMOS S/H circuit, and
further research isnecessary inorder tounderstand thedevice dynamics and tobeable todesign high-speed/
high-resolution MOS S/H circuits.



presented in Appendix 1.

TABLE 1. Deterministic Error Components and Possible Solutions

Error Sources Possible Solution/Techniques

Finite Bandwidth Advanced technologies to lower the
switch on-resistance

Gate voltage bootstrapping[5][33]

Charge Injection Bottom plate sampling[l]

Dummy switch[45]

Clock Feedthrough Differential signal path[l]

The other error components are "random errors", errors that may be unpredictable

from sample-to-sample, and the dominant source in the circuit of Fig. 3 is thermal noise.

In conventional resistors, noise is generated due to the random thermal motion of electrons

and is unaffected by the presence or absence of direct current[3]. Therefore, this noise

appears as additive noise to the signal, and its mean-square value within the bandwidth

Af(in Hz) is given by

v2 = 4kTRAf , (EQ1)

where k is Boltzmann's Constance and T is the temperature in Kelvin[3]. At room

temperature 4kT = 1.66 x 10"20 V-C.

Another noise source present in MOS transistor is the Flicker noise or "1/f noise"

whose noise spectral density has a 1/f frequency dependence[3]. Because of its low

frequency characteristics, there are techniques to suppress this noise especially for high



frequency sampling circuits [3][31][32], and the analysis from now on will be focused on

thermal noise.

In the MOS S/H circuit, thermal noiseis generated andaddedto the sampledsignal

due to the finite resistance of the MOS transistor switch. This is illustrated in Fig. 4. For

in

Sample

l

Vnoise R

r-OVW

6

FIGURE 4. A simple MOS S/H circuit and its equivalent model for noise calculation.
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illustration purpose, let's assume that the input signal is held at DC and the signal is

sampled on a capacitor. In this case, the sampled voltage on the capacitor contains not

only the signal component but also the thermal noise component at the instance of the

sampling. Assuming single pole frequency response (R and C), the total noise variance

can be found by integrating the noise spectral density over frequency and is given by

2

AfJa
1 +

1

jf
df =j4kTR

•3dB

1

d+(
27CRC,

Hf- kT
2"'df c:^s

) )

(EQ2)

1
where f3dB = , R is the on-resistance of the MOS transistor, and C§ is the

sampling capacitor value assuming that parasitic capacitance from the MOS switch is

negligible compared to the sampling capacitor. Notice that this is independent of R

because the increase in the mean-square value of the noise due to the increase in R value

cancels the corresponding bandwidth reduction and the same expression results.

In the literature, this noise is often called "kT/C" noise (for the obvious reason),

and Table 2 shows RMS values for the noise for different sampling capacitor values at

room temperature.

TABLE 2. RMS values for the thermal noise for different
sampling capacitor values at room temperature

c a = VkT/C
O.OlpF 640p.V

lpF 64[iV

lOOpF 6.4nV

Due to the randomness from sample to sample, the error due to thermal noise

cannot be corrected, and therefore it limits theachievable signal-to-noise-ratio(SNR) for a

given sampling capacitor value. For instance, for C= lpF and full scale input ofVps =+/-

IV sine wave, the SNR is given by

u



SNR =lOlogP^I =101og(^1/2, J =81dB ,
V Gd (64|iV)

(EQ3)

assuming that an infinite resolution ADC can resolve, the held signal. In more realistic

case, however, the resolution of the ADC is finite and its quantization noise dominates if

thermal noise is much less than the quantization step. In that case, the quantization noise

power[4] must be included in the noise term and the SNR is given by

SNR = lOlog
Vfs/2

a2 2
U2+a2

= lOlog

( 0 ^v

(2VFS/2N)2 kj
12 + C

(EQ4)

where A is the quantization step (magnitude of LSB) and N is the resolution of the ADC in

bits. For N=10 and C=lpF, the SNR is 61.91dB in contrast to 61.96dB of noiseless ideal

10 bit ADC. In Fig. 5, the maximum achievable SNR is plotted for different sampling

capacitor values at different resolution level. For a small sampling capacitor, thermal noise

limits the SNR, and for a large sampling capacitor, the SNR is limited by the quantization

noise and the curve flattens out.

In this case, the power dissipation associated with charging/discharging of the

sampling capacitor depends on the input frequency, since the voltage on the capacitor

varies at each sampling instance. The worst case power dissipation occurs when the input

frequency is equal to the sampling frequency(fs) and the maximum voltage (VDD in this

case) is sampled on the capacitor at every instance, and it is given by

Power
worst

= C-Vr-n-fs = C- (2VFsr-fs,FS^
(EQ5)

assuming that Vps = Vdd/2 and the capacitor must be completely discharged on each

sampling period. Combining this result with (EQ. 4), the SNR can be related to the power

12



SNR(dB)

85.00

40.00

lOOfF

14bit

12bit

« ° lObit

8bit

lOpF

FIGURE 5. Maximum achievable SNR for different sampling capacitor values and
resolutions.

dissipations by

SNR = lOlog
1

+4kT-fs (EQ6)

i, 12 •22N Power

and this relationship is plotted in Fig. 6.

According to (EQ. 6), the theoretical lower bound of the power dissipation for the

simple S/H circuit in Fig. 3 is 0.2 jiW/MS/s at 10 bit level when the SNR is degraded by

ldB due to kT/C noise relativeto the quantization noise level.
13
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85.00

45.00

Power « 46.3 kTfs-22NW.

Mbit

12bit

lObit

8bit

Power

O.lnW IO^iW lmW

FIGURE6. SNR vs. powerdissipation according to (EQ. 6) for fs=10MS/s.

Also notice that from (EQ. 6), the power dissipation is independent of the supply

voltage. This is because the increase in the signal amplitude over the thermal noise level

cancels out the increase in the power consumption due to the increased supply voltage.

Therefore, from the fundamental pointwherethe thermal noise limits the achievable SNR,

the power dissipation in the S/H circuit does not depend on the supply voltage. When the

RMS value for thermal noise degrades the SNR by IdB over and above the quantization

noise, the power dissipation of the S/H circuit from (EQ. 6) is given by

(EQ7)

Therefore, if the input bandwidth is much higher than the signal bandwidth, the

14



power dissipated in the simple MOS S/H circuit is linearly proportional to the sampling

frequency and it quadruples for an additional bit. At fs=10MS/s, the power dissipations

for 10 and 12 bit levels are about 2^iW and 32^tW.

2.3.2 Practical MOS S/H Amplifiers: Op-Amp-Based SC S/H
Circuits and Limitations

The power dissipation limit given by (EQ. 7) is about four orders of magnitude

below the dissipation achieved in recentiy described high-speed A/D

converters[5][8][9][ll]. In practice, the S/H power is dominated by dissipation in the

operational amplifier or buffer that drives the sampling capacitor in the sample and/or

charge transfer modes. As a practicalmatter, power minimization in the sampling function

translates to minimizing the power in the active circuitry driving the sampling capacitors

whose kT/C noise limits the SNR of the converter.

In CMOS, the S/H circuits are usually implemented in an op-amp based switched

capacitor(SC) circuit configuration, and minimizing the op amp power for the SC circuit

involves the choice of the SC configuration and the op amp topology. Since there are a

number of different configurations and op amp topologies, it is necessary to limit the

scope of discussions here just on the key operation to present a bound for the actual

performance limitations and to examine the general trend with different operating

conditions, such as the choice of the supply voltage and the technology. A direct

comparison between performances of different configurations involves many variables,

and therefore it is omitted here. Detailed op amp topology comparison can be found in

[43].

So, in this section three common SC S/H configurations are chosen and their basic

operation and related key parameters are presented first assuming ideal op amps. Then, a

basic configuration is identified, and discussions on its power dissipation are presented

is



using a single transistor op amp instead of the ideal op amp. In this way, a general

conclusion on power dissipation can be made without introducing complicated op amp

parameters.

A. Three Common Configurationsfor SC S/H Circuits.

Fig. 7, Fig. 8, and Fig. 9, show three common configurations for SC S/H circuits

([1][2][5][8][9][11] [12][13][14][15], etc.). For simplicity, single-endedconfigurations are

shown. Switch configurations shown in each figure are for the sampling phase, and the

arrows indicate the switch configurations during the transfer (or hold) phase.

In all cases, the basic operations include sampling the signal on the sampling

capacitor(s) and transferring the signalcharge onto the feedback capacitor by using an op

amp in the feedback configuration. In the configuration in Fig.7, assuming an ideal op

out

FIGURE 7. A SC circuit with separateC$ and Cp

amp and switches, the op amp forces the sampled signal charge on C$ to transfer to Cp as

indicated by the gray arrow. If C§ and Cp are not equal capacitors, the signal charge

transferred to Cp will display the voltage at the output of the op amp according to

16



V = — = ^s Vin
out r* r*

^p *~p •fk) in*
(EQ8)

In this way, both S/H and Gain functions can be implemented within one SC

circuit, and examples can be found in [9] [12].

In the configuration shown in Fig. 8, only one capacitor is used as both sampling

capacitor and feedback capacitor. This configuration cannot implement the gain function,

but it can achieve high speed because the feedback factor (the ratio of the feedback

capacitor to the total capacitance at the summing node) can be much largerthan that of the

previous configuration, operating much closer to the unity gain frequency of the amplifier.

This configuration is often used in the front-end input S/H circuit[8][13].

V = 1 • V-v out x v in

out

FIGURE 8. A SC circuit with one capacitor.

Fig. 9 shows another configuration which is a combined version of the

configurations in Fig. 7 and Fig. 8. In this configuration, the signal is sampled on bothCs

and Cp and the resulted transfer function is

Oin Cp-Vin + Cc-Vin ( Cs\Vout =<g = CpS =(l^JVin . (EQ9)

In this configuration, Cp is also used as a sampling capacitor in order to improve

17



out

(c)

FIGURE 9. A SC circuit with Cp shared as a sampling capacitor.

the feedback factor. For instance, assuming that the closed loop gain is 2 and the op amp

input capacitance(Copamp) is ignored for simplicity, the feedback factor in this

configuration is C/2C = 0.5, much larger than that of the configuration in

Fig. 7(C/3C = 0.33), which in turn results in 50% improvement in the SC circuit

bandwidth[8].

Important parameters in determining the bandwidth of the SC circuit are Gm

(transconductance of the op amp), feedback factor, and output load capacitance. In all of

these three configurations, the bandwidth is given by:

BW = i =^.f
x C load

(EQ10)

where C\0^ is the total capacitance seen at the op amp output.

18



Key parameters for three configurations are summarized in Table 3.

TABLE 3. Summary of key parameters for three common SC circuits.

Configurations Transfer Function

(Vout/Vm)
Feedback Factor

(f)

Fig. 7
Cs CF

cs+cF+copamp

Fig. 8 1
Cs

C 4-P*~ST ^opamp

Fig. 9
cs
<~p

cF

Cs+ Cp + copamp

B. A Single Transistor OpAmpSC Circuits/PowerDissipation

Up to now, discussions presented for the SC configurations are based on the

assumption that op amps are ideal. As mentioned previously, the power dissipation in a SC

circuit is dominated by the op amp power, and a more realistic op amp must be considered

in order to examine its power dissipation and its dependency on other parameters such as

technology, supply voltage, etc.

Analysis for power involves anumber of variables such as the SC configuration1,

op amp DC gain, op amp bandwidth, op amp input/outputrange, etc., and therefore is not

trivial. Also, since there are a number of different op amp topologies (telescopic, folded-

cascode, two-stage with Miller compensation, three stage with nested Miller

compensation, class AB, etc.), it is more difficult to make direct comparisons on power

among different topologies including all variables into considerations.

1. The analysis given here focuses on the SC gain configurations where Cs can be comparable to Cp
Detailedanalysison power dissipation of the generalSC integratorcase where Cp is much larger than Cs
can be found in [46].

19



To a first order approximation, however, the trade-off between power, speed, and

noise can be analyzed using a single transistor op amp, and it can give some insights on

the powerconsumption of the SC circuit for different operating conditions. Several other

assumptions are made to simplify this analysis.

1. A NMOS transistor is assumed for the op amp, and it is biased in the saturation

mode with a square law I-V characteristic. The gate length of the device is

assumed to be 1.2\im with kp=60^A/V2 and Cox=1.53fF/|im2. Based on this

assumption, important parameters (such asgm,Cqs, etc.)canbe defined asa lin

ear function of a bias current with fixed current density through the transistor.

Detailed explanation on this will be presented later. For sub-micron devices

whose I-V characteristic is more linear, the analysis can be easily repeated just

by changing the proportionality constants according to velocity saturated I-V

characteristic.

2. The signal swing is assumed to be equal to the supply voltage, the maximum

voltage swing available in the system. Althoughthe input range of many ADC's

is only some fraction of the supply due to a limited op amp output swing, it is a

reasonable assumption for the analysis heresincethe signal swing approximately

scales with the supply voltage.

3. Ideal switches are assumed for simplicity. In reality, however, it will affect the

bandwidth of the amplifier and must be considered. Therefore, this assumption

gives theoretical upper bound on the achievable bandwidth. Brief discussion on

this is presented in section 2.3.3.C.
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4. It is assumed that the speed of the SC circuit is limited mainly by the time con

stant, and the slew rate constraint is not considered here. In reality this may or

may not be true depending on the load condition. However, again it gives the

basis for the theoretical upper bound on the achievable bandwidth.

With these assumptions, the SC configuration shown in Fig. 10 can be analyzed. In

this case, the equivalent small signal model is shown in Fig. 11, and the time constant is

given by:

CF
vDd

Cs
CF (J)lDS

">^ CL cs

c •*

cL

FIGURE 10. A SC circuit implemented with a single transistor op amp.

CF

CL

cs
Vx gmVx Rout j |

FIGURE 11.The equivalent small signal model for the circuit in Fig. 10.
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gmgm i
Cs+Cr0S +Cp , (EQ 11)

where Cjjt is the total capacitance the op amp sees at its output, Cqp is the junction

capacitance at the drain of the transistor op amp,andthe Cq§ is the input gatecapacitance.

The overlap capacitances are ignored for simplicity. The third term for Cjjt is the

capacitance loading at the output from the series combination of Cp andCs+Cqs-

At this point, one important design consideration is the choice of Vdsat of the

transistor. In real op amps, the output swing and the DC gain requirements set the

maximum allowable Vdsat (=Vgs-Vth=/y(2Ids) / (kp •W/L)) for the transistor, and

typical values are 200-300mV(can be higher depending on the available supply voltage

and the swing requirement). Forinstance, if the DC gain greater than 50 is required from a

single transistorwith VA(early voltage) of 10V, requiredVdsat can be found according to

21 V 2V

av - 1-Ro.t =viirwrif =vast- vam

and the required value is 400mV. If the biased Vds is larger than this value with extra 200

-300mV, then the transistor will be safely biased in the saturation region to get the

maximum transconductance. On the other hand, reducing Vdsat also means reducing the

bandwidth of the device (operating close to subthreshold bias condition), and therefore, a

careful choice ofVdsat is very critical.

Setting Vdsat is equivalent to setting the current density of the device, since the

Vdsat is related to the current density p(=IdsAV) by:

Vdsat =ikFWTL =Jt?- vw
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and as a result, the choice of bias current sets the device size and other key parameters

such as Cqs> Cop(drain junction parasitic capacitance), and gm by the following

equations.

Cos = Cox •W • L = Cox • (Ids/p) • L , (EQ 14)

Cop = aCGS, (EQ15)

_ /2Jep
p.L

and gm = J±-^ •Ids. (EQ 16)

Here, in (EQ. 15), the drain junction capacitance is assumed to be proportional to

the input capacitance and its proportionality constant a depends on the geometry of the

layout. The typical value for a ranges from 0.5 to 1 for a single MOS device to 2 or 3 for

MOS amplifiers where the parasitic capacitance from both PMOS and NMOS has to be

considered[16]. Again, for simplicity, a is assumed to be 1 for the analysis given here.

Now, having all the key parameters set for a given current density, the power

dissipation of the single-transistor op amp SC circuit can be found by relating its bias

current to the given settling requirement. From (EQ. 11), the achievable time constant can

be found for the given sampling/feedback capacitor values, current density, and load

capacitance. According to the detailed analysis carried out in [16], the closed-loop time

constant is given by:

Sg- UjZnC*+C£8+ClCa +l+%:+a(l+£

where the optimum size input transistor for minimum settling time has an input gate

capacitance of
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'GSopt

ICLCp +CLCS +CFCS
a

(EQ18)

The above expression is rather complicated and does not provide immediate

intuition as it is. By limiting the scope of the discussion to more realistic cases[5][6][8],

let's consider onespecific configuration where theclosed loop gain is 2 withC =C§= Cp=

Cl. Also, p is assumed to be l\iA/l\im which corresponds to Vdsat of 200mV. Then, there

is an optimum value for the sampling capacitor size for the minimum time constant (or

maximum bandwidth) for the given biascurrentas illustrated in Fig. 12.The time constant
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FIGURE 12.Closed-loop time constantvs. samplingcapacitor value for different bias
currents. The closed loop gain is 2, a =1, and C=Cs=Cp=Cl-
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is normalized to the xt(=l/ftmtrinsic) ofthe device which is approximately (CQ$/gm)1. For

a given bias current, increasing the sampling capacitor value (and all other capacitors

except Cqs according to the above assumption) increases the feedback factor(=C/

(2C+Cqs)) since the device size (or Cqs) is given with a fixed current density, and in turn

decreases the settling time. If C is too big, however, the output capacitance loading from

Cl and the series combination of Cp and (C§ + Cq$) increases, and the settling time

increases. The optimum time constant remains constant regardless of the SC circuit size
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FIGURE 13. Closed-loop time constant vs. sampling capacitorvalue for different bias
currentswith noise contours. The closed loop gain is 2, a =1, and C^s^p^L-

(or Ids) becauseCl scales together with C§ andCp So, if speed is the only constraint, the

1. CGd is ignored from previous assumption. If Coveriap islarge, roena/fti^nsjcMCGs+CGDVg111-
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power dissipation can be reduced by scaling down the capacitor size until the speed is

limited by other practical considerations, such as layout, matching, etc. At each point on

the curve, there aretwo possiblebias conditions, and only the curve with a positive slope

will be considered here on since it is the low power solution.

Now, including the noise requirement into consideration, the minimum allowable

value for Cs can be set for a given bias current Assuming that the dominant noise is the

thermal noise, the input referred noise power is given by :

where the first term is the noise sample on the sampling capacitors and the second term is

the noise from the op amp, and the result is shown in Fig. 13. The dotted lines are contours

for different noise levels.

From Fig. 13, it can be seen that 4x reduction in noise power corresponds to

approximately 4x increase in power since capacitors need to be increased by the same

ratio for a given time constant. Therefore, choosing the minimum size capacitor for a

given noise requirement is essential for low power dissipation.

From the discussion presented in this section, the following can be concluded.

1. If noise is not a constraint, the sampling capacitor value that gives the minimum

time constant can be chosen for minimum power dissipation. Forinstance, if C = C$= Cp

= Cl and a=l, the optimum value for C is 0.577Cgs (or Cqs=1.73C conversely)

according to (EQ. 18). In this case, because Cl scales with C§ and Cp the optimum time

constant remains constant regardless of the SC circuit size (or Ids). Since the noise is not a

1. See Appendix 2 for derivation.
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constraint and the minimum achievable time constant remains constant with the fixed ratio

of C/Cqs* the SC circuit power can bereduced by scaling down bothcapacitors and an op

amp (Cqs) until limited by other practical considerations, such as layout issues, matching

issues, etc. More detailed analysis can be found in [16].

2. If noise is an important constraint (as in high resolution front end S/H circuits),

an appropriate sampling capacitor size must be first chosen in order to reduce its kT/C

noise level down below a given noise requirement. Then, the op amp size and its bias

current can be determined for a given speed requirement and minimum power dissipation

using x-vs.-C curves as in Fig. 13(Fig. 13 is an example for a particular case where the

closed loop gain is 2, a =1, and C^s^F^lO- Notice that for low frequency operation

(where i/it is large) the Cq$ that achieves the minimum power dissipation for given

settling time and noise requirements usually does not correspond to the minimum time

constant point. This is because fixing the C/Cq$ ratio of the SC circuit to the minimum

time constant point(0.577 in this case) requires largerCqs resulting in power increase and

excessive bandwidth. Near the speed limit of the given technology (where the ratioT/ct is

small), however, the difference in power between the minimum power point and the

minimum time constant point becomes smaller as the stringent settling time requirement

forces the C/Cqs ratio to be at its optimum value to achieve the maximum bandwidth.

3. For a given speed requirement and signal swing, a 2x reduction in noise voltage

(in a) requires a 4x increase in the sampling capacitance value and the op amp size.

Conversely, a 2x increase in the supply voltage and the signal swing results a 4x smaller

SC circuit, and therefore, a 2x smaller op amp power dissipation. This means that the S/H

circuit power quadruples for every additional bit resolved for a given speed requirement

and supply voltage.

4. The only technology dependent term in (EQ. 19) is Cos(the feedback factor is

also a function of Cq$). If (Vgs-Vth) is fixed to meet an output swing requirement and gm
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(proportional to C0X(W/L)) is fixed to meeta speed requirement, Cq$ will be proportional

to L2. Then, scaling of L with advanced CMOS technologies in the future will reduce Cqs

and, (EQ. 19) will be bounded by

v.2-g(2+§)-"l} <PQ2Q>

when Cqs goes to 0. The result suggests that the noise is mostly from the sampling

capacitor given its weak dependance on Cos(in this case, with the ratio of 2 to 4/9), and

further reduction on the capacitorvalue is not expected even with scaled technologies as a

result.

2.3.3 Additional Practical Design Considerations

Other important requirements for the SC circuit include DC gain, slew rate, and

switch resistances. Depending on the specifications set by the system, the S/H circuit

design may be influenced more by these requirements than just minimizing noise and

settling time constants.

A. DC Gain Requirement.

For the SC configuration in Fig. 7, if the op amp is ideal, the input/output transfer

curve must be a straight line with a slope of C<j/Cp However, in reality, the finite dc gain

of an op amp introduces gain error in actual input/output transfer curve. Fig. 14 shows the

transfer curves with and without gain error.The transfer curve can be related to the op amp

dc gain by

^L' =£? 1 (EQ21)
vin *~F l+ l

Af
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FIGURE 14. A transfer curve with gain error for the SC circuit in Fig. 7.

where f is the feedback factor and A is the DC gain of the amplifier. Therefore, if the

product of Af which represents the loop gain of the feedback system is low, the gain will

be less than the capacitor ratio of C^/Cp For the input S/H circuit, the gain error can be

tolerated if the A/D conversion does not require absolute scale. This can be modelled as

having a linear gain function in front of ideal S/H SC circuit as shown in Fig. 15. If the

ADC

Gain = 0.99 G=0.99 Gain=l

FIGURE 15. The front-end S/H circuit with a gain error does not affect the accuracy
of the ADC as long as the gain is linear.

gain is linear, then it does not introduce any errorexcept reducing the signal amplitude by

a small portion. As an example, for the feedback factor of 1/3, Cs=Cp and A=300, the
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gain is 0.99 instead of 1.Therefore, if the quantization is not based on the absolute scale,

scaling of the input signal by 1% error is tolerable in most cases. However, there are

applications where amplifiers need to have an exact gain to very high accuracy within +/-

0.1% of the nominal value, such as the front-end interstage amplifier in the high

resolution(>8bit) pipeline A/D converters. In thatcase, the DC gain of the op ampmust be

larger than 60-80dB, or the capacitors must be trimmed to compensate the error due to

insufficientop amp DC gain by changing the capacitor ratio. This can be done by having

trimcapacitor arrays in parallel witheither Cs orCp and switching them accordingly. The

latter solution, however, usually requires extra high precisioncircuitry or some systematic

methods to measure the relative capacitor values[5][9]. Therefore, the gain requirement

may require a multi-stage op amp and can result in large power dissipation.

Another important factor is distortion. In actualop amps, the transfer curve is not a

straight line but rather a line with some curvature and can cause harmonic distortions. In

the SC circuit, the negative feedback around the op amp reduces its distortion by the loop

gain, Af, to obtain a highly linear transfer characteristic[3]. In an ADC, the distortion in

the S/H circuit will result in large integral non-linearity error(INL) causing harmonic

distortion and intermodulation distortion. For the high resolution ADC's with resolution

greater than lObits, the S/H circuit may require high dc op amp gain (-60 - lOOdB)

because of this reason.[l][2][5][8][9][ll][13].

B. Slew Rate

A settling time of a typical op amp consists of two time periods, one limited by the

time constant of the circuit and the other by the slew rate as illustrated in Fig. 16. When

the SC circuit has to drive large load capacitance with a large amplitude signal, the bias

current of the op amp must be chosen such that it produces large transconductance and

necessary slew rate. For instance, if the circuit has to drive off-chip components with ~10

- lOOpF, the required op amp bias current must be large enough in order to prevent
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gain is 0.99 instead of 1. Therefore, if the quantization is not based on the absolute scale,

scaling of the input signal by 1% error is tolerable in most cases. However, there are

applications where amplifiers need to have anexact gain to very high accuracy within +/-

0.1% of the nominal value, such as the front-end interstage amplifier in the high

resolution(>8bit) pipeline A/D converters. In thatcase, the DC gain of the op amp must be

larger than 60-80dB, or the capacitors must be trimmed to compensate the error due to

insufficient op amp DC gain by changing the capacitor ratio. This can be done by having

trim capacitor arrays in parallel with eitherCs or Cp and switching them accordingly. The

latter solution, however, usually requires extra high precision circuitry or some systematic

methods to measure the relative capacitor values[5][9]. Therefore, the gain requirement

may require a multi-stage op amp and can result in large power dissipation.

Another important factor is distortion. In actual op amps, the transfer curve is not a

straight line but rather a line with some curvature and can cause harmonic distortions. In

the SC circuit, the negative feedback around the op amp reduces its distortion by the loop

gain, Af, to obtain a highly linear transfer characteristic^]. In an ADC, the distortion in

the S/H circuit will result in large integral non-linearity error(INL) causing harmonic

distortion and intermodulation distortion. For the high resolution ADC's with resolution

greater than lObits, the S/H circuit may require high dc op amp gain (-60 - lOOdB)

because of this reason.[l][2][5][8][9][ll][13].

B. Slew Rate

A settling time of a typical op amp consists of two time periods, one limited by the

time constant of the circuit and the other by the slew rate as illustrated in Fig. 16. When

the SC circuit has to drive large load capacitance with a large amplitude signal, the bias

current of the op amp must be chosen such that it produces large transconductance and

necessary slew rate. For instance, if the circuit has to drive off-chip components with -10

- lOOpF, the required op amp bias current must be large enough in order to prevent
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FIGURE 16. Voltage waveform at the output of a SC circuit.

excessive settling time due to slewing. In this kind of situation, a class A/B type of op amp

may be more efficient than class A in terms of power. However, for cases driving on-chip

circuitries where input capacitance is small (much less than -lOpF), a class A type of op

amps usually achieve faster settling due to its simple architecture. In that case, a

sufficiently large value of the op amp bias current is chosen to make the settling time

limited more by the time constant rather than the slew rate; otherwise, signal-amplitude

dependent settling will cause errors[l].

C. Switch Resistance

In actual implementations of SC circuits, on-resistance of the MOS switches can

have a significant effect on the settiing time of the circuit High on-resistance in MOS

switches can not only slow down the circuit but also make the feedback system poorly

damped or unstable if it is in the feedback loop as shown in Fig. 17.This results from the

increase in phase shift by increasing the delay and thereby reducing the phasemargin. In

order to avoid this type of situation, low enough on-resistances of the switches are

required. Using a too large switch, however, adds significant amount of drain/source

junction parasitic capacitance at the output reducing the overallbandwidth.
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Cs

FIGURE 17. The switch resistance in the feedback loop can make the system unstable.

Other switches such as the summing switch(Sl) and the input switches(S2 and

S3)afifect the sampling bandwidth of the input signal forming a RC network as shown in

Fig. 18. A caution must be taken here to prevent excessive charge injection from large

FIGURE 18. The on-resistances ofSI, S2, and S3 limit the sampling bandwidth along
with the sampling capacitors.

switches at the sampling instance. Charge injection is not a problem for S2 and S3 since

they will be shorted out, usually to some reference voltage source. However, the amount

of charge injection from SI must be controlled, since it will change the input common

mode voltage by AQ/CT where CT is the total capacitance at the summing node. For

amplifiers which have limited input common mode range, such as atelescopic op amp, the
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bias condition of the input device or current source can be changed affecting the overall

operation as illustrated in Fig. 19. Since the sampling bandwidth considerations require a

Input
common

mode
voltage

Input stage of an op amp

FIGURE 19. Input common mode voltage change due to charge injection from the
summing node switches.

certain size for the input switch for a given capacitorsize, the value of the input common

mode voltage shift, AQ/Cj, can be tens or hundreds of mV. For low voltage systems where

the Vds of the transistors for current sources is biased only 200-300mV above Vgs-Vth,

these charge injection and headroom issues must be carefully considered.

2.4 Quantization

The next key function is quantization. The power dissipation associated with this

process again depends on the accuracy requirement just like the S/H circuit The

uncertainty of the quantization comes from thermal noise and offsets.
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2.4.1 Limitations on Comparators

The function of acomparator is to compare the applied input signal voltage to a
reference voltage, and the simplest way to implement acomparator is to use simple
regenerative cross-coupled inverters as shown in Fig. 20. In this case, internal nodes, X
and Yare initialized with avoltage equal to or proportional to the difference of the input
voltage to the reference voltage, and the circuit is placed in the regenerative mode to
determine the polarity of the initialized voltage. Then, the signal is further amplified to the
digital logic level for subsequent processing.

The key requirement which determines the power dissipation during this process is
the accuracy; how accurately the comparator can make adecision in agiven time period.
For high resolution comparison where the signal needs to be resolved down to acouple of
millivolts or less (typically 6bit accuracy or higher), the comparator in Fig. 20 can not be

Vdd

Vin-Vref

Input

Sampling | Comparison
<t>- •—I (regeneration)

Vin-Vref

FIGURE 20. Asimple regenerative comparator and itsoperation.
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used as it is, because typical cross-coupled latch comparators exhibit offset voltages as
large as 100mV. Instead several pre-amplifiers are placed before the regenerative latch to
amplify the signal for accurate comparison as shown in Fig. 21. In this case, the power

\
Vin

Vref ^ez^ei rs
FIGURE 21. Atypical preamp stage implemented with asource-coupled pair.

dissipation in the regenerative latch is relatively small compared to the preamp power,

because only dynamic power is dissipated in the regenerative latch and low offset pre-amp

stages usually require dc bias currents. Therefore, the power dissipation is directly related

to how many preamp stages are required, and the number of stages is determined by the

required amplification factor before areliable comparison can be made by the regenerative

comparator.

For instance, if the signal needs to be resolved down to lmV and the regenerative

latch canmake a reliable decision for signal larger than 200mV, the required amplification

factor for the pre-amp stages is 200mV/lmV = 200. In order to get this high gain from a

single stage preamp, the large value of the load resistor must be used and in turn slows

down the amplification process with an increased RC-constant at the output. In situations

like this, the gain is distributed among several cascaded low gain stages to speed up the
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whole process[47].

During this process care must be also taken to design a low noise pre-amp stage

since its own circuit noise is amplified through its gain. For instance, if theinput signal is

held constant close to the comparator threshold, the thermal noise from both circuits and

input sampling switches, if there are any, is also amplified through the preamp gain. For

multi-stage pre-amps, the noiserequirement on the first stage is the most stringent and gets

relaxed in later stages.

The preamp stage is usually implemented in some sort of a source-coupled pair,

and its power-to-thermal-noise relationship is similar to that of the S/H circuit case where

the key block is the high gain op amp, except that the preamp is usually in the open-loop

configuration. Also, 1/f noise must be considered since it appears like a slowly varying

offset of the comparator for high speed operation. Periodic offset cancellation at a rate

much higher than the 1/f noise corner frequency, usually every clock period, can reduce

this effect. The analysis for noise is omitted here since it is relatively straightforward

compared to that of the amplifier in the feedback as in S/H circuits, and the reader can

refer to [3].

Another major factor which affects the accuracy of the comparator is the offset

voltage caused by the mismatches from process variations. For the circuit in Fig. 20, when

the input signal is sampled on nodes X and Y, any mismatch between right and left half

circuits will cause an offset voltage during its regenerative process. This includes charge

injection mismatches from input switches, threshold and (W/L) mismatches between

cross-coupled devices, and the offset voltage can be as high as lOOmV easily. Due to this

large offset present in this circuit, preamp stages are again required because the source

coupled pair exhibits lower offsetvoltages. With careful layout Gike common-centroid) of

the input stage, the preamp stage can have the offset down to - 1 - lOmV and about 8bit

resolution can be achieved without calibration[34]. For higher resolution, however, the use
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of preamp must be combined with offset nulling techniques to reduce the offset below

~lmV.

One technique of offset cancellation is to use a multi-stage configuration in which

the offset voltage of the previous stage is nulled out by the subsequent stage as illustrated

with a two stage comparator in Fig. 22. During the offset sampling period, the output of

+ GlxVoffl

(a)

+ GlxV,offl V0ff2

o>-"
Vout = Gl-G2-(Vin +

(b)

Yoff2.

Gl

FIGURE 22. An offset cancellation technique (a)first stage offset sampling/
cancellation (b)normal input comparison and the effective transfer function.

the first stage caused by its offset voltage is sampled on the sampling capacitor of the

second stage. In the next clock phase, when the actual comparison is to be made, the

stored voltage on the second stage sampling capacitor effectivelycancels out the offset of

the first amplifier, and a very accurate comparison can be made. For this cancellation
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technique, notice that the gain of the first stage must be chosen relatively low so that the

output voltage due to its offset does not rail out of the range (or supply).

One observationis that the offset voltage of the dynamic comparator circuit cannot

be cancelled by this technique becausethe positive feedback amplifies even a small offset

voltage to the supply rails and therefore no information on the offset voltage can be

obtained at the output of the comparator. As a result, this technique requires a preamp with

a DC bias currentand therefore static power to reduce offset voltage.

Therefore, it can be (obviously) concluded that in typical MOS technologies, high-

precision quantization function requires large power compared to the dynamic switching

power of the cross-coupled latch because amplification and offset error cancellation

require extra complex circuits which usually consume static power. As a result, ADC

architectures which require many precision comparators for high resolution, large static

power consumption must be expected.

2.4.2 Practical Implementations of Comparators

If an input signal is sampled on a capacitor before comparison, the capacitance

value must be carefully chosen to reduce various non-idealities in addition to the kT/C

noise. In many two-step flash type of ADC's, the comparator often has its own input

sampling capacitor to eliminate the dedicated input S/H circuit, as shown in Fig. 23[20].

Duringthe first clock phase, the left side of the sampling capacitortracks the input voltage

while the rightside of the capacitor is precharged to Vm. In the next phase, the left side of

the capacitor is connected to Vref to compare the input voltage with Vref. In this case, the

minimum size of the sampling capacitor is determined by three factors: the charge

injection from SI, signal attenuation, and the kT/C consideration.

As illustrated in Fig. 24, the charge injection from Mj will causean offset voltage,

AV=^Q/(Cs+Cp). By the same reason given in the section 2.3.3.C, requirement on the
38



vin

Vref

Vin

Vref

(a)

+Vin-Vm-

>Hc t
Vx = Vref-(Vin-Vm)

(b)

FIGURE 23. A comparator with its own sampling capacitor, (a) Input sampling
(comparator threshold set at Vm), and (b) reference sampling for comparison.

input bandwidth sets the magnitude of AV, and the higher the sampling bandwidth is,

larger the AV gets as a result. Reducing the gate channel length reduces this charge

injection induced offset error.

Another important consideration for choosing Cs is the signal attenuation due to

Cp At the input of the amplifier, the input capacitance of the amplifier and the parasitic

capacitance from the switch attenuates the input signal by Cs/(C§+Cp) and effectively

reduces the amplification. Choosing a large C§ about 4 times larger than Cp gives this

factor to about 80%.
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FIGURE 24. Offset error due to charge injection from Mj.

KT/C noise must be also considered in determining the capacitor value. For

instance, a 10 bit comparator with its input range of IV must be able to resolve the signal

down to lmV, and C§ must be chosen around lOOfF whose RMS value for the kT/C noise

at room temperature is about 200^1V. If an additional one bit is to be resolved, the

sampling capacitor value must be increased by 4 times to keep the kT/C noise power down

relative to the reduced minimum detectable signal level for the same reason given in

section 2.3.1.

Other examples on the error cancellation in comparators can be found in [20] [33].

2.5 Reference Potential Generation

In all ADC's, the accuracy of the reference levels sets the limit to the achievable

linearity of the A/D conversion process. For example, in the flash ADC in Fig. 2, if the

input S/H circuit and the comparators are ideal, any error present in the reference resistor

string will be directly translated into an A/D conversion error such as differential non-

linearity error(DNL) and integral non-linearity error(INL), etc. Especially for high speed
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applications where high speed switching noisemay be coupled into the reference, settling

time of the reference also limits its accuracy. In CMOS technologies, there are two

commonways to generate reference voltages. Oneway is to use a resistor string (R-DAC)

and the other is to use capacitor arrays (C-DAC), and these two are examined in this

section.

2.5.1 Resistor String DAC(R-DAC)

The simplest way for reference generation is to use a resistor string. By having 2J

resistors connected in series between two reference voltages, the intermediate voltages can

be generated according to the resistive voltage divider as shown in Fig. 25. This type of

UR's

LR's

Vref

V;
in

Comparator

:P *—

:f\
V = Vref.

U + L

0

FIGURE 25. A resistor string for reference voltage generation.

resistor string is usually used in a flash or 2step-flash architecture where every reference

level must be present at all times. Also, some pipeline ADC's uses R-DAC for resolution

ofabout8-9bits[7][12].

The accuracy of the R-DAC is limited by settling and matching. For high speed
41
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operation, various sampling capacitors can be switched to a tap point on R-DAC creating

the voltage glitch. This transient has to settle out to the given accuracy within a given

period of time, andthe worstcasesettling occurs at the middle tapwhere the equivalentR-

value is the total resistance divided by 2 plus the switch resistance as illustrated in Fig. 26.
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UR's

LR's

}
R sw

I
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MaxifU=L

FIGURE 26. Location dependent settling of R-DAC.

This transient causes the signal dependent settling of the DAC and can translate into

harmonic distortion. Therefore, the R-value must be small enough so that the worst case

transient settles down within a given period of time. For a fixed value of Vref, this

translates into large power dissipation in the resistor string since Power =Vref2/R.

If the R-DAC settles fast and its settiing error is negligible, mismatches of

individual resistors due to process gradients, and random edge variations present in the

process determine the overall accuracy of the generated reference voltages. A number of

papers deal with this subject, and several experimental data and ADC performances also
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suggest that R_DAC matching is good to about 8 - 9 bit linearity in today's

technologies[28][20][21].

2.5.2 Capacitor Array DAC(C-DAC)

Reference levels can be also generated using capacitor arrays, and one way of

using C-DAC can be found in a successive-approximation type of ADC where binary

weighted capacitor arrayis used to generate the reference as shown in Fig. 27. The signal

is first sampled on all capacitors, and then plates on one side are connected to the ground

having the voltage at the top plate of the capacitorsequal to the sampled input voltage in

opposite polarity. If one of the capacitors, whose value is 4C, is connected to Vref instead

of the ground, the voltage at node X is now given by:

4C 4Vx =-Vin+ /N-1 Vref =- Vin +-^Vref (EQ 22)
4br

£2'C +C
o '

If both polarities of Vref are available, the reference voltage can be either added or

subtracted to the signal. The above equation can be rewritten for capacitors being switched

to either +Vref or -Vref

N-l

I dt •q •Vref
Vx =-Vin+i=02N c (EQ23)

where dj is +1 for capacitors switched to Vref and -1 for capacitors switched to -Vref and

Cj is 21 x C. Since capacitor values are binary-weighted, reference values of N-bit

resolution can be generated with N+l capacitors.

A/D conversion in successive approximation ADC's is based on this idea. The

signal is first sampled and then compared to some reference voltage to determine the
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FIGURE 27. Binary weighed capacitor array for successive approximation A/D
converter(a) input tracking (b) sampling and (c) charge subtraction.
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MSB. Then, the quantized MSB is added or subtracted from the signal by switching the

Gn-1 t0 either Vref or -Vref, and the next significant bit is determined. By repeating this

process N times, N bit A/D conversion is performed. This charge redistribution idea is also

used for reference generation in other ADC architectures including pipeline, Z-A, etc.

In an array of binary weighted capacitors, an exact power of 2 ratio is required

between capacitors, and a large size capacitor is required in order to obtain high accuracy

matching. If N is not large, 2N identical capacitors can be used instead to improve the

monotonicity and linearity of the DAC.

As in the case of R-DAC, matching between capacitorsdetermines the accuracy of

the generated reference. For the same reasons as in R-DAC case, capacitors laid out

identically show difference due to process gradient and random edge variations, and

overall untrimmed capacitors show about 8-9 bit linearity without trimming[29].

However, these mismatch errors can be eliminated/reduced by various trimming/

calibration techniques to achieve high resolution in ADC's[9][25][26][27].

Trimming requires very small size capacitors, sometimes below a few fF(10 F)

in order to get high accuracy trimming. In a typical l|im MOS technology, the minimum

size capacitor is about a few fF's, and therefore, finer trimming down to 1/1Oth of fF's

requires the use of series combination of capacitors[27]. If two identical capacitors are

connected in series, then a capacitor of half the value can be realized. Therefore, more

series combination means more attenuation in the capacitance value. This idea is

illustrated in Fig. 28 where Catt is put in series to Cj, C2, and C3 to reduce their effective

capacitance values in parallel to C. So, in the configuration shown in Fig. 28, C is trimmed

to have the value of C plus attenuated C\ and C2. More capacitance can be added to C by

connecting C3 in parallel with Cj and C2. Other techniques to improve the accuracy

include digital calibration in which actual capacitor values are measured[2][25][41][42]

and capacitor averaging techniques with S/H circuits[13].
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FIGURE 28. Capacitor trimming by using a smallcapacitor array.

In all cases with C-DAC, its basic operation is based on the charge redistribution

and therefore requires no DC power dissipation. Therefore, if all reference voltages are

not required to be present at all times (unlikethe flash type of ADC's), C-DAC provides a

low-power solution for reference generation, whose power dissipation is given by ~CV2f.

Capacitance value must be chosen in this case according to the kT/C noise consideration

as mentioned in section 2.3.1. Therefore, the minimum value for the total capacitance

value quadruples as the resolution increases by one bit for a fixed signal amplitude and

dynamic power increases by the same factor.

2.5.3 Power Comparison: R-DAC vs. C-DAC

Assuming that elements in both R and C DAC's can be calibrated out with some

sort of circuit technique, theoretical minimum power dissipationin each case can be found

considering just the thermal noiseas the fundamental limit.To further simplify the power

comparison without introducing more complicated issues such as architecture, etc., only

the power dissipation percomparison(i.e., only one comparator is attached to the DAC) is
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analyzed in each case. Again, the purpose of analysis here is to give a theoretical lower

bound for the power dissipation and to study the general result as in the ideal S/H circuit

case in section 2.3.1.

The power dissipation in a R-DAC can be found to the first order with the

following assumptions. First, assume that the worst case RC time constant which occurs at

the middle tap of R-string and the voltage transient is caused by switching of a sampling

capacitorof some circuit such as a S/H or a comparator, whose size is determined by the

kT/C noise consideration as shown in Fig. 29. Second, static power from the bias current

2N-1R's

^R's

L REQ =R2N

0

FIGURE 29. Settling of R-DAC at the middle tap.

through the R-string is assumed to be much larger than any switching power from the

sampling capacitor. Third, the switch and interconnect parasitic capacitance and switch

resistance are ignored for simplicity. In reality, they are important factors in determining

the resistance value, and a distributed R-C model should be considered for better accuracy.
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With above assumptions, the required time constantto settle to N bit accuracy in 1/

fs sec has to satisfy

Settle =N. In (2.0) •T=N. In (2:0) •REQ •C<I. (EQ 24)

Here, C is determined by kT/C noise consideration. So, let's assume that the noise

level is some fraction of LSB, 1/a. Then,

n_ /kT _ LSB _ VREF

Then, the minimum power dissipation can be found by:

Power - fs •In (2.0) •a2. kT •22N_2 •N. (EQ 26)

For N = 10, a = 10, fs = 10MHz, the required minimum power is about7.5|iW.

Power dissipation in C-DAC can be calculated with the following assumptions.

First, the charge redistribution requires full scale (Vref in this case) charging/discharging

of the capacitor and therefore involves only dynamic power. Secondly, the parasitic

capacitances are ignored in order to find theoretical minimum power in the DAC. Again,

they are important factors in actual implementation of the DAC and should be considered

as in the R-DAC case.With above assumptions, power is given by:

Power - C•V£EF •fs (EQ 27)

where C is determined by the samekT/C noise consideration. Then, (EQ. 27) becomes:

Power « fs •a2 •kT •22N . (EQ 28)

This value is about 4.4^W for N = 10, a = 10, fs = 10MHz, and it is lower than that

of R-DAC.
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A couple of conclusions can be drawn from the above theoretical analysis. First,

power dissipations in both cases are independentofVref- This is because increasing Vref

by 2x allows 4x decrease in required capacitor value and results in the same power

dissipation as in the theoretical S/H circuit case in section 2.3.1. Also, power dissipations

in both cases are linearly proportional to the operating clock frequency and temperature.

Secondly, C-DAC dissipated less power at high resolution and this can be seen

from the ratio from (EQ. 26) and (EQ. 28):

PowerR in (2.0)
=r - = \ } •N = 0.17 •N. (EQ29)
Powerc 4

Under this set of assumptions, minimum required power in R-DAC is about 1.73

times larger at 10-bit level, and is 2.1 times larger at 12-bit level compared to that of C-

DAC. This factor is independent of sampling frequency and temperature.

2.5.4 Practical Limitations

In actual implementations of ADC's, power dissipation in DAC is much larger

than the theoretical minimum given above by several orders of magnitude and several

practical issues come into play.

First, often more than one switch is connected to each tap of the R-DAC and each

single capacitor of the C-DAC array, and the parasitic capacitance from interconnection

and switches can be significant. So, for R-DAC, the resistance value must be reduced to

compensate the increase in the capacitance, and for C-DAC, poly-poly capacitors, if

available, should be used for small bottom plate parasitic capacitance. For this reason,

careful layout techniques such as folded layout are developed to reduce the routing

parasitics[21].

Also, for the R-DAC, large resistance value for low operating frequencies requires

49



alarge area when poly resistors are used because its sheet resistance is typically low(~50

Q/square) with 30-40% variation. For instance, lOkQ resistor with 50 Q/square requires

200 squares, and for matching reason non-minimum width is usually used. Because of

these considerations, resistance values much smaller than the theoretically required value

are often used for compact layout and therefore results in larger power dissipation.

However, in C-DAC case, small capacitance much closer to the theoretically required

value can beused since asmaller capacitor means smaller area and less power!

Another major factor in practical implementations is that only a fraction of the

total clock period is allowed for the settling of the DAC, and again a smaller resistance

value must be chosen to meet the requirement. The factors are about ~1/(N+1) for

successive approximation, -1/3 to 1/4 for two step flash, and -1/2 for flash and pipeline

ADC's, approximately equal to the reciprocal of the number of clock periods for A/D

conversion. Also, since the reference voltage sources have finite impedances (especially if

generated on chip), its RC-time constant is usually chosen several times smaller than the

required value so that the combined settling time can meet the specification.

Matching is an important issue especially in C-DAC where large capacitors can be

used to meet as low as 0.1% linearity requirement. Trimming can further improve the

matching, but for medium resolution(~8 bit) large size capacitor and careful layout

technique without trimming are much simpler.
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CHAPTER 3

CMOS High Speed A/D

Converter Architectures

3.1 Introduction

In the previouschapter, basickey functions are examined with specialemphasis on

the power dissipation associated with its implementation. In this section, several ADC

architectures attractive for high speed sampling (> lOMS/s in ~Uim CMOS technology)

are discussed in an attempt to illustrate how ADC architectures are evolved from flash to

pipeline to reduce its power while increasing the performance. The order of presented

ADC architectures is chosen according to author's convenience and may not reflect the

actual chronological evolution of ADC architectures.

3.2 Flash Architecture

As shown in Fig. 2, the N bit A/D conversion can be performed in the flash ADC

by comparing the applied input signal to the reference voltages generated from a resistor

string with ~2 comparators. The advantage of this architecture is that only one clock

cycle is required to perform the A/D conversion. However, the power consumption of this

architecture increases exponentially as the resolution increases. For instance, while an 8

bit flash ADC requires 256 comparators, 10 bit requires 1024. In addition, the comparator
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offset requirement becomes exponentially more stringent with the resolution; the offset of

a lObit comparator must be less than 1/4 the offset of an 8 bit comparator.

Another big disadvantage is that the input bandwidth is usually much lower than

the sampling frequency without a dedicated input S/H circuit. Because the signal source

has to drive many comparators implemented in parallel, any mismatch in the signal paths

can cause wrong decisions as shown in Fig. 30. This error degrades the overall SNR for

Vin

Flash ADC

Comparator
Outputs

Error

FIGURE 30. A possible error in a flash ADC due to mismatchesin signal paths.

the high frequency input signal. At higher resolution, this problem becomes more severe

since a large numberof comparators laid out over a large area are more subject to process

variation and the errorbudget gets tighter with smaller LSB size.
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The most straightforward way to increase the input bandwidthis to use an input S/

H circuit as mentioned. Since the stair-case output of the S/H circuit does not change as

fast as the continuously varying input signal, the errors made by comparators can be

greatly reduced (Fig. 31). The power dissipation of the S/H circuit however will be large

in this case, since it has to drive a large input capacitance from many comparators.

Vin

Sample
period

FIGURE 31. A S/H circuit to generate a staircase output.

Therefore, this architecture is only attractive for the low resolution(~6bits or less)

applications with high throughput requirement, typically lOOMS/sec or higher, as in the

disk drive read channel[38][39].

3.3 2 Step Flash Architecture

One way to reduce the number of comparators in the flash ADC is to separate

coarse and fine conversions into two time periods. Forinstance, if the total resolution is 10

53



Vin S/I^*

Analog

Digital
N/2bit
Coarse
Flash

ADC

*©

<+>-

Digital Out

•\ADCH

N/2bit
Fine
Rash
ADC

FIGURE 32. A 2 step flash architecture.

bits, the first 5 MSB's can be quantized in the first period and the next 5 MSB's in the next

period. Since only 5 bits arequantized in each period, the required number of comparators

isabout 25 in each period, and the total number ofcomparators is2x25 =64 as opposed to

1024 in the straightforward lObit flash ADC. In this way a substantial amount of

comparator power can be saved at the expense of an extra clock cycle.

This architecture is called a "2 step flash1", and its conceptual block diagram is

shown in Fig. 32. The input signal is first sampled on the sampling capacitor of each

comparator in both coarse and fine comparator banks. Then, the coarse conversion is

performed by the N/2 bit coarse flash ADC. According to the outcome of the coarse

conversion, the quantized signal is subtracted from the input signal, and the residual

voltage is again quantized by the N/2bit fine flash ADC. By collecting bits from both

1. Or sometime it is called "subranging".
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coarse and fine ADC's, corresponding digital output is generated. During this process,

total three clock periods are required per sample for input sampling, coarse conversion,

and fine conversion.

One practical implementation is shown in Fig. 33[18][19][21]. Comparators in
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FIGURE 33. A practical implementation of 2 step flash architecture.

flash ADC sections are implemented with CMOS inverters for offset cancellation and

compact layout, and reference levels are generated from a resistor string. Instead of using

a dedicated S/H circuit as shown in Fig. 32, the S/H function is included within the

comparator with the use of its own sampling capacitor, and the inputsignal is sampled on

each and every comparator.

Although the number of comparators are greatly reduced from the flash

architecture, path matching is still a major problem, and the inputbandwidth is limited to

relatively low frequency compared to the conversion rate[18][19][21]. Also, the

comparator accuracy must still meet the full resolution requirement, and the offset voltage
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of the comparator must be down to lmV or less for 8-10 bit or higher resolution. As a

result, multistage comparators may be required as discussed in the previous section,

dissipating large power[18].

One way to relax the comparator accuracy requirement is to use digital error

correction[7][8][35]. By making the fine flash ADC section capable of detecting the error

due to the comparator offsets in the course ADC section, the coarse comparator

requirements can be relaxed. This can be done by including extra comparatorsat both rails

of the fine flash ADC sections as shown in Fig. 34. Therefore, if the comparators in the

Vin—Js/J^i 4Q

7^

M extra

comparators

N/2 bit
flash ADC

M extra
comparators

FIGURE 34. Digital error correction with 2M extra comparators in the fine flash
ADC section.
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coarse flash ADC makes an error and the input to the fine flash ADC goes out of the

second stage nominal input range, then the extra comparators at either end detect the

overflow level and correct the ADC digital output by digitally adding/subtracting the

detected error. The correction range for the comparator offsets in the coarse flash ADC

section is ±Mx LSB. So, the use of the digital correction can relax the comparator

accuracy requirement of the coarse flash ADC section. However, the accuracy of the fine

flash ADC section is still required to the full ADC resolution to make an error detection.

Fine comparators accuracy requirements can be relaxed by including an interstage

gain amplifier to amplify the signal for the fine comparator bank as shown in Fig. 35
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FIGURE 35. A 2 step flash ADC with an interstage amplifier.
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[22] [23]. By amplifying the signal, the accuracy requirements for fine conversion

comparators are relaxed by the gain of the interstage amplifier, 2N/2_1. Here, the gain of
>N/2-l >N/2is deliberately used instead of 2N/Z in order to prevent the over-range problem

mentioned earlier, and the resolution of the fine flash ADC is increased by 1.Then, instead

of using N/2 bit ADC with N bit offset requirements, an N/2 bit coarse flash ADC with N/
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2 bit offset requirements (N/2+1 bit offset requirements for N/2+1 bit fine flash section)

can be used[22].

Another advantage of this configuration is that the conversion steps can be

pipelined due to the S/H interstage amplifier; while the first stage flash ADC works on the

most recent sample, the second stage flash can concurrently work on the previous sample.

As opposed to three clock periods in the previous scheme, only two clock periods are

required for sampling andquantization, and in turn the throughput can be increased.

However, an op amp must be used for the S/H/Gain block and its power can be

significantif fast output settling is required. While the input S/H function can be included

in the comparator with the use of a sampling capacitor, the interstage amplifier must be

implemented with aSC circuit which usually requires an op amp. Since it has todrive 2N/

2+1 comparators in the fine flash ADC section, the op amp will dissipate large power if N

is large.

3.4 Pipeline Architecture

In the 2step flash architecture with an interstage amplifier presented in the previous

section, the accuracy requirementsof the comparators arerelaxed at the expense of the op

amp power in the SC circuit. One interesting question to ask here is what happens if more

interstage amplifiers are included to further relax the comparator requirements. This is the

basic idea behind the pipeline architecture in relation to the power dissipation.
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FIGURE 36. A typical pipeline architecture.

In Fig. 36, a basic schematic for a pipeline architecture is shown. Each stage

samples the signal from the previous stage and it quantize to B+1 bits by the flash ADC

section. Then, the quantized signal is subtracted and the residue is amplified through the

interstage amplifier to be sampled by the subsequent stage. The same procedure is

repeated in each stage down the pipeline to perform A/D conversion. The number of

comparators requiredin this case is the number of stagestimes the number of comparators

in each stage. From Fig. 36, it is roughly (Mx2B+1)1. The required number of stage is

approximately the ADC resolution divided by effective per-stage resolution. Effective per-

stage resolution here is denoted with B, and one extra bit is used for digital correction.

1. Number of comparators perstage canbeeven further reduced in actual implementation. Only general dis
cussionis presented here from powerdissipation perspective. Formore detailed discussion on the pipe
line architecture, see Chapter 5.
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As discussed earlier, the flash ADC section in each stage has to meet only B+1 bit

requirement due to the interstage gain and digital correction. Therefore, the lower B is, the

more the comparator requirement gets relaxed.

Another observation is that both interstage amplifier and DAC requirements get

relaxed down the pipeline. For instance, if the ADC resolution is lObit and B=l, then

while the first stage has to meet lObit requirement, the requirement on the second stage is

relaxed by lbit. This implies potential power saving since the S/H circuits in later stages

can be scaled down with smaller sampling capacitors due to relaxed accuracy

requirements. The number of comparators are further reduced from 2step flash

architecture at the expense of increased latency and required S/H circuits. Also, the circuit

complexity grows approximately linear compared to exponential growth in flash and 2step

flash architectures.

3.5 Power Comparison

Up to now, only general descriptions of three high speed ADC architectures in

CMOS are reviewed in terms of the power dissipation. Detailed comparison of the power

dissipation between different architectures is not easy because it involves a number of

variables including resolution/sampling rate, the choice of technology, variations within

the same architecture, etc. and many corresponding assumptions are needed in order to

proceed with the analysis. Also, since there are many variations possible within each

architecture itself, the result of the analysis based on the basic architecture may not apply

to practical situations.

One way to look at the powerconsumption of different architectures is therefore to

look at me power factor, meaning whatfraction of the circuits in the whole system has to

meet what resolution requirement. This is based on the assumption that the accuracy
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requirement and the power consumption ofa component are approximately proportional

to each other, as discussed in previous sections.

For flash architecture, for example, the power factor of the architecture is 100%,

since each and every comparator and DAC have to meet the full resolution requirement.

©

FIGURE 37. Flash architecture's power factor: the shaded region indicates full
resolution requirements.

For a 2step flash architecture, the power factor of the architecture can be made less
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than 100% as illustrated in Fig. 38. While both DAC and fine ADC section require full

o

o

o

Coarse ADC section

Vin

t>

Fine ADC section

FIGURE 38. Illustration of the power efficiency of a 2 step flash architecture. Darker
shaded region indicates more stringent accuracy requirement.

resolution requirement, the coarse ADC section requirement can be relaxed with the

digital error correction. The level of error tolerance on the coarse ADC section depends on

how much digital error correction range the fine ADC section can provide as explained in

section 3.3, and the correction range varies from +/-3 LSB's in [24] to a much largervalue

in [22],[23] with a S/H interstage amplifier.

On the other hand, in pipeline architecture, the stage resolution decreases in later
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stages as discussed earlier as illustrated in Fig. 39. While the flash section has a fixed
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FIGURE 39. Illustration of the power factor of a pipeline architecture. Darker shaded
region indicates more stringent accuracy requirement.

resolution requirement of B+1 bit, requirements on the interstage amplifiers and DAC

section are relaxed in later stages. Among these three architectures, the power factor is

therefore lowest. However, again, this power factor comparison presents a highly

qualitative description of how each architecture is utilizing each key building block, not an

absolute comparison.
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3.6 Other ADC Architectures

Other widely used ADC architectures in CMOS technology are algorithmic,

successive approximation, and 2-A converters. All of these architectures are used for

relatively low speed operation requiring many clock cycles to perform the A/D

conversion, but their advantages are small area for the algorithmic converter and high

dynamic range for successive approximation converter and 2-A oversampled converter.

An algorithmic converter can be thought of as a pipeline A/D converter

implemented in a recirculating manner as shown in Fig. 40. Input signal is first sampled at

<I>1
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FIGURE 40. An algorithmic A/D converter.

the beginning of a clock cycle. Then, the A/D conversion is performed on the MSB. In the

next clock period, the post S/H circuit samples/feeds back the residue from the output of

the single pipeline stage back to its input. The pipeline stage then resolves the next
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significant bit and the same procedurerepeats till the last bit.

Power factor of this architecture, according to the definition presented in section

3.5, is close to 100%. Since the same SC circuit in the single pipeline stage is used

repeatedly during all conversion periods from Tj to T^, it has to satisfy the most stringent

accuracy requirements for the initial MSB conversion. However, since this architecture

does not require many stages, it is good for the applications where small areais required

with relatively low sampling rates of ~lMS/s. Although N N-bit parallel algorithmic

converter stages can achieve the same throughputas a single N-bit pipeline A/D converter,

the larger power consumption than a single N bit pipeline ADC running N times faster is

expected due to its near 100% power factoreven without considering power from the post

S/H circuit and path matching. Examples can be found in [27] [35].

A successive approximation converter shown in Fig. 41 usually dissipates a very
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FIGURE 41. A successive approximation A/D converter core circuit.

low DC power mostly from the bias current of a single precision comparator; the rest of

the power dissipation is purely dynamic from capacitive switching excluding the DAC

power. The S/H function can be incorporated with the binary capacitor arrayrequiring no
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SC type of op amp based S/H circuit with DC power. Power factor of this converter is still

close to 100%; the comparator offset and sensitivity has to be of full accuracy since the

same comparator is used repeatedly, and the C-DAC during each clock period has to settle

to a full accuracy.

The dynamic power in the C-DAC can be reduced by reducing the total

capacitance by using T-network as shown in Fig. 42. By using a proper value of Catt,

Vm

FIGURE 42. A T-network for C-DAC in a successive approximation ADC.

Clsb's on me kft s^e of Catt can be effectively attenuated by the series capacitance

divider effect. If kT/C noise is not a concern, this technique allows to use smaller

capacitors for C-DAC. However, reliably controlling Catt and other parasitic capacitance

in as-fabricated state is almost impossible and careful calibration/trim is required[36].

According to the definition, the power factor of a T-network successive approximation

ADC does not change.
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A first order S-A oversampled A/D converter architecture is shown in Fig. 43. In
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noise after
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(a)

Digital filtering
to remove out of
band quantization noise

(b)

Quantization noise
after X-A modulation

Quantization noise
before X-A modulation

A2/12

noise

fs/2

FIGURE 43. (a) Block diagram of a first-order 2-A modulator (b) Modulator output
spectrum.

this architecture, the frequency response of the quantization noise is reshaped in order to

transfer most of its energy to higher frequencies by proper oversampling and negative

feedback. Then, the noise is filtered out by the digital low pass filter leaving only a small

portion of the quantization noise. The ratio of thesampling rate(fs) to the signal bandwidth
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(fg) is called the oversampling ratio, and the SNR improvement with the increase in its

oversampling ratio is 9dB per octave for quantization noise and 3dB per octave for

thermal noise due to straightforward averaging.

The integrator in the first order X-A modulator can be implemented in a SC circuit

configuration as shown in Fig. 44. Power dissipation of this SC circuit depends on the

in

VDAC

FIGURE 44. A simplified schematic for the SC implementation of the first order 2-A
modulator.

oversampling ratio and the size of the capacitor. If the oversampling ratio is M, the output

of this integrator has to settle with a bandwidth, (Gm • f) /CL, where Gm is the overall

transconductance of the op amp and Cl is the total output load capacitance. Since the kT/

C noise on the sampling capacitor gets reduced by factor of M due to oversampling, the

capacitors can be reduced by the same ratio if the same amount of kT/C noise for a

Nyquist converter is to be allowed. However, since the SC circuit now has to operate M

times faster, the same Gm is required asbefore,andas a result there's no net power saving

compared to the front end S/H of the Nyquist converterif power from op amp bias current
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is assumed to be approximately proportional to Gm.

Higher order loops can be used to reduce the oversampling ratio while achieving

the same dynamic range. However, in addition to the increased number of modulator

stages, more complex digital filter section is also required with possibly more power

dissipation. Power factor is difficult to define here since the digital power dissipation must

be included. However, it can be noted that the power dissipation in the Z-A modulator is

comparable but not much less than that of the S/H of the Nyquist converter, based on the

argument given above.

In terms of practicalconsiderations, toleranceon various component matching and

relaxed requirement on the anti-aliasing filter make the X-A architecture more attractive

for high resolution (above 12 bits) A/D converters than other architectures.
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CHAPTER 4

A CMOS Pipeline A/D

Converter Architecture

4.1 Introduction

In the previous chapter, several CMOS high speed ADC architectures are

reviewed. The pipeline architecture can relax accuracy requirements on a large partof the

system by reducing accuracy requirements in later stages of the pipeline yielding a high

power-factor compared to other architectures. In this chapter, more detailed descriptions

of the pipeline architecture are presented.

4.2 Key Building Blocks

A block diagram of a typical pipeline A/D converter is shown in Fig. 45. It consists

of a cascade of N identical stages in which each stage performs a coarse quantization, a D/

A function on the quantizationresult, subtraction, and amplificationof the remainder. A S/

H function in each stage allows all stages to operate concurrently, giving a throughput of

one output sample per clock cycle. Fig. 45 illustrates the particular configuration of

interest here in which the D/A, subtraction, amplification, and S/H functions are

performed by a switched capacitor(SC) circuit, with a resolution of B+1 bits per stage and

an interstage gain of 2°. The D/A function is performed by a set of capacitors with a
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FIGURE 45. A typical pipeline architecture. Each pipeline stage can be implemented
with a SC circuit and a low resolution flash ADC.

reference voltage source Vdac- When the input signal is applied, each stage samples and

quantizes the signal to its per-stage resolution of B+1 bits, subtracts the quantized analog

voltage from the signal by connecting the bottom plate ofcapacitors Cs (=(2B-l)xC)to

^DAO an(^ passes the residue to the next stage with amplification for finer conversion.

Then, B+1 bits from all stages are collected and produce a full resolution digital

representation of the applied analog input.

The SC topology in Fig. 9 is chosen to implement the interstage amplifier for this

particular pipeline example that will be described here. The feedback factor of the SC

circuit is given by:

f =
2 • C+ CA ^jT V^opamp
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and the total load capacitance at the output is:

Clt ~

iBC [(2 -1)C+C 1iL v ' i opampJ

2BCi +C
opamp

B + 1+2°Ci+1 + (2D+l-2)Ccomp » (EQ31)

where Cj is a unit capacitor of current stage i, Copamp is the input capacitance of the op

amp, Ccomp is the comparator input capacitance in the flash A/D section. The first term in

(EQ. 31) is the loading from the series capacitance of the current stage, and the second

term is the sampling capacitors from the next stage. The last term is the total input

capacitance of the flash ADC. Interconnection/switch parasitic capacitances are ignored

for simplicity. One key observation here is that decreasing the per-stage resolution, B, is

important if the speed of the SC circuit is to be maximized since small B allows the

configuration with large feedback factor and low load capacitance. Table 4 shows values

for the feedback factor and the load capacitance to illustrate the difference. Notice how

TABLE 4. Feedback factors and load capacitance for different B.

B f CLT
1

Ci C [2C+C 1

OC +P TAV'i+lTAV'comp
^i ^ ^opamp2- C + C^ *~ix ^opamp

2
Ci C[4C + C ]^il '-I ^opampJ iQ 6C

4C +C +^i+l +OL-comp
l ^opamp4-C + C

i opamp

3
Ci C[8C + C ]ll ' ^opampJ of Hp

8C+C +*Ci+l +14Ccomp
i ^opamp8*ci+copamp

quickly the feedback factor decreases and the load capacitance increases as the per-stage

resolution increases. Therefore, low per-stage resolution is desirable if maximizing the

speed of the SC circuit is the key constraint since its bandwidth is proportional to the

feedback factor and inversely proportional toCt_t(BW ~ (Gm • f) /CLT).
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FIGURE 46. Saw-tooth input/output transfer characteristics for different per-stage
resolutions(B=1,2,3)

The flash ADC section iscomposed of (2B+1-2)1 comparators, and the digital error

correction2 can tolerate the offset voltage ofeach comparator up to (+/- Vref72B+1). This is

illustrated in Fig. 46 where the arrow indicates the offset correction range by the digital

error correction for different per-stage resolutions. It is obvious that choosing the low per-

1. Top and bottom comparatorsare unnecessary. See Appendix3.

2. Assuming zero interstageamplifieroffset.See Appendix 3.
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stage resolution allows less accuracy requirement for the comparator design in the flash

ADC section. If B is small so that 100's of mV of offset voltage can be tolerated by digital

correction, then even dynamic comparators can be used for the flash ADC section to

eliminate its DC power[5].

DAC/subtraction functions can be implemented by using either a resistor string or

multiple capacitors. Fig. 47 shows the DAC/subtraction functions implemented with a

Vref+

Vref-

-o

-0T"O

Flash ADC

VDAC

CF

Cs

E>1

FIGURE 47. DAC/subtraction functions implemented with a resistor string.

resistor string. The transfer function of the SC circuit changes from Vout= (I+Cs/Cf)^ in

Fig. 9 to:

"out - Mn+r~ ' (^in VDAC) . (EQ32)

The second term in the equation is modified because among the signal charge sampled on

cs (Qsignal = CsxVin) the charge corresponding the reference voltage (CsxVrj)Ac) does

not transfer to Cp and effectively the subtraction function is performed as shown in the

74



equation.

The accuracy of this R-DAC (resistor string DAC) is determined by two factors,

initial matching accuracy and fast R-C settling. In typical CMOS technologies, the R-

DAC is implemented with poly resistors, and process variations limit the overall accuracy

to about 8 bits as discussed in section 2.5.1. Trimming can be performed to improve the

resistor matching, but often the process is very complicated. The second factor which

affects the accuracy is the Vdac settling. The R-DAC with the switch resistance forms a

R-C network with sampling capacitors, and the settling of the VjjaC voltage according to

this time constant limits the settling of the SC S/H/Gain function if it is slower than the SC

circuit bandwidth. For this reason, low resistance resistors are used to set the RC-settling

time much smaller than the SC circuit settling time and as a result large power is

consumed.

Another way for DAC/subtraction is to use multiple capacitors. By sampling the

input signal on the capacitor and redistributing the signal charge on the capacitor as

mentioned in section 2.5.2, DAC/subtraction function can be performed. This is illustrated
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in Fig. 48. In the charge redistribution process, the accuracy of this C-DAC (capacitive

Vref+ Vref- '"•:/

^

<^

V
•j-O /

Flash ADC

Cs = i x C

fcsC'""

CS2

CSi

y

Cp=C

I> CL

FIGURE 48. DAC/subtraction function using C-DAC.

DAC) depends on the capacitor matching. Typically, accuracy up to 8-9 bits can be

obtained without calibration and without excessive area requirements[29], and matching

to higher resolution typically requires trimming as in the R-DAC case. Without trimming

or calibration, therefore, initial matching accuracies of both R-DAC and C-DAC are about

8-9bits maximum in typical current technologies[29]. However, the C-DAC requires less

power than the R-DAC to settle faster since the whole process is dynamic with potentially

less series resistance (only through a switch resistance to the reference voltage source) for

smaller R-C time constant as described in section 2.5.3.

43 Stage Accuracy Requirements

In the pipeline architecture, the accuracy requirement on each stage is different
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because the stage resolution decreases down the pipeline by the per-stage resolution. For

instance, for a 10 bit ADC with the effective per-stage resolution of lbit/stage, the first

stage has to meet 10 bit accuracyrequirement. However, the next stage has to meet only 9

bit accuracy requirement. Lower stage resolution means that design constraints are more

relaxed, and in terms of pipeline stage design this translates into relaxed requirements on

interstage amplifier gain accuracy, DAC accuracy, and thermal noise.

First, for a given total resolution of N bits and the per-stage resolution of B, the

combined gain error in the interstage amplification should be less than (1/2N"B) of the full

scale input range where N-B is the resolution of the next stage[10]. Non-idealities of the

interstage amplifiers include finite op amp gain, finite settling time, and capacitor

matching as can be seen from

Vout = G- (Vin-VDAC), (EQ33)

and
( Cs>v

l-e (EQ34)
1 +

A-f

where (1+Cs/Cp) is the voltage gain term, and the exponential term in the second bracket

is for the settling time for the single pole op amp(x is the time constant for the SC gain

block configuration), andthe thirdtermis related to the finite op amp gain(A). In this case,

the gain error term can be found from

AG Gideal ~ Gactual 1
G G iB M"IM-4 ' 1 ^

1

V1 +AT?;
(EQ35)

AG

G

(2B-1).ACF '-'AC, . -\ 1
2BC 2BC A-f

(EQ36)
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r2B-l

where C=f£ CSi+CFj/2B, ACF =CF-C, and ACSpl =Cs j-C .In order to
achieve N bit linearity, this normalized combined gain error term, AG/G should be less

than 1/2N"B (resolution ofthe next stage) to prevent any missing codes[10].

|AG/G|<—Lg (EQ37)

From above, requirements on op amp DC gain and bandwidth, and capacitor

matching can be determined. For op amp gain, 1/Af should be « 1/2N_B. Therefore,

substituting the feedback factor term from (EQ. 30), the gain is given by

C2B-C+ C )
A> (2N"B) • 1 opamp; (EQ38)

Ci

If Copamp is ignored, above expression becomes 2N. To tolerate any process variations in
reality, the op amp gain must be at least two or three times larger than this value. For the

same reason, the op amp output has to settle to 1/2N, and for the single pole system, the

required number of time constants can be found from

N.ln(2.0).x<Tsettle (EQ39)

where T^g is the allowed settling time, usually half the clock period(l/(2fs)). For

instance, for 10 and 12 bit settling, 6.9 and 8.3 x's are required respectively.

The matching requirement on the capacitors is determined by the allowable gain

error and the required DAC accuracy if a C-DAC is used. (For the R-DAC, linearity of the

resistor string must be also considered to analyze the DAC accuracy. Only C-DAC case

will be analyzed here to derive the capacitor matching requirement.) So, for the C-DAC, if

an ideal op amp is assumed, the transfer function becomes

78



2B-1 2B-1

X Cs,i Xdi'Cs,i
Vout = 1+—1-= Vin +—!—7= Vref,

V_. =
out

AGG(l +-G-) vin+

•2B-1

Xd- C •

GC,
•Vref

(EQ40)

(EQ41)

andVout = G(l + ^) ' (vin+̂ •(Xdi) •Vref+AVrefj (EQ 42)

where d, is either 0 or ±1, determined by
AG r(2B-l).ACF 2ylACSti^

2BC r 2dc

the outcome of the flash ADC section,G is 2B,
2B-i AC

, and AVref Ai -Vref.-$•(?*
For an N bit ADC, this means that AVref should be less than a LSB of the converter or

Vref/2N assuming other parameters are ideal. This sets the requirement on DAC ofeach

stage, and AC/C of each capacitor must be less than 1/2N to ensure that AVref is always

less than a LSB.

In addition to the above deterministic error components, the other error source is

the random component whose dominant source is thermal noise as discussed in previous

sections. Assumingthat thermal noise is additive Gaussian, the noiseat the op amp output

appears as being superimposed on the signal. The power of the thermal noise is then

described by its variance, and the variance should be much less than the LSB in order to

maintain sufficiently high SNR as discussed in section 2.3.2. So, for the pipeline stage

with N bit accuracy requirement, the total input-referred noise should be much less than

the LSB at N bit level.

atotal.i*
FS

»N
(EQ43)
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The total input referred noise at the input of stage i can be found by summing all

the noise components from subsequentstages and is given by

<tal,i=CT?+^)2<i+(^)4<2+ (EQ44)

where <r\ is the variance of thermal noise from stage i and (2B) is the interstage gain.

Notice that the dominant source of noise is from the stage i and the noise contribution

from subsequent stages is reduced by the interstage gain. Therefore, the noise requirement

is most stringent on the first stage and gets relaxed down the pipeline.

The requirements on flash ADC sections (comparator offsets) remain the same

throughout the pipeline stage since it is only related to the per-stage resolution, not the

stage resolution. In Table 5, the stage requirements on building blocks are summarized

TABLE 5. Stage requirements for the ith pipeline stage with its stage resolution
of N bit and per-stage resolution of B bits

Parameters Minimum requirement

Op amp DC gain A>(2N"B)/f>2N

Settling time

(assuming single pole response)

T<l/(2fsNln(2.0))

DAC accuracy |AC/CI< 1/2N

Noise ° total,i «LSB(=VFS/2N)
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4.4 Per-Stage Resolution & Power

From section 4.2, it is found that the power dissipation in flash ADC section and

reference (C-DAC) can be dynamic leaving the major portion of the power dissipation

from the op amp power from the SC S/H/Gain circuit. It is also pointed out that the

bandwidth of the interstage amplifier can be maximized if lower per-stage resolution,

which allows a SC configuration of low closed loop gain, is used. However, lower per-

stage resolution requires more pipeline stages, and it is important to determine the

optimum per-stage resolution to minimize the overall power consumption for given

resolution and speed requirements.

In this section, the analysis for power dissipation in pipeline stages is carried out

for different per-stage resolutions in order to examine the trade off between power and

per-stage resolution. The analysis involves a numberof variables, and the following key

assumptions are made for simplification.

1. It is assumed that the power consumption is dominated by the static power from op

amp bias currents for the SC interstage amplifiers. The comparators in the flash ADC

sections are assumed to be non-critical components if per-stage resolution is 1-2 bits

and therefore, can be implemented with some sort of dynamic circuits consuming no

DC power.

2. It is assumed that a C-DAC is used for lower power consumption than the R-DAC

case and the matching requirement can be met by various trimming/calibration meth

ods. Again, the power in aC-DAC is dynamic and small, and therefore ignored.
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3. Single transistor op amps are used for the analysis and the same assumptions on op

amps are made as in section 2.3.2, except that the full scale input voltage range is

assume to be 2V. For a transistor, kp=60\iATV2 and p(current density for the input

device) =luA/|im are assumed.

4. Minimum size capacitors are assumed to be 50fF which corresponds to lOum x 10

|imif Cox =0.5fF/um2. The minimum size capacitor value can be further reduced if

the noise is the sole criterion. In reality, however, the minimum feature size and the

matching issue limit the minimum capacitor value. The minimum width for the tran

sistor in the op amp is also set to lOum. Technology is assumed to be 1.2u\m CMOS.

5. Input capacitance of a single comparator is assumed to be lOOfF.

The per-stage resolutions of interest here are 1 bit/stage and 2 bits/stage, the most

widely used values[5][8][9][ll][12][13]. Three bits or more per stage limits the sampling

rate considerably because a large closed loop gain SC configuration for large interstage

gain results in the reduced bandwidth, and therefore large per-stage resolution cases are

not considered here for the analysis.
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The flow chart for the power analysis is shown in Fig. 49. The analysis starts from

Op Amp Performance
Evaluation

Speed
Noise

Tau[i],Noise[i],Cs[last],i=stage

are given

I
Stage i

Choose Cs
Choose Ibias

The next
front stage

No Answer
Found

Answer Found, Stop

FIGURE 49. Row chart for power estimation in pipelinearchitecture.

thelast stage of the pipeline and works back toward the front end. For the last stage where

the stage resolution is only 2 or 3 bits, the minimum values for the sampling capacitors

and opamp sizemustbe setto begin theanalysis. Otherwise, thesimulation will then give

values too small to be drawn by the minimum feature size of the given technology. Once

the last stage is designed, the analysis moves to the proceeding stage, and the same

procedure is repeated. In order to prevent any unreasonable values for capacitors and op

amp size, the simulation stops if the values gooutof thespecified range.

Two cases will be examined in this section. First, the case where identical stages

are implemented for all pipeline stages. This is the case when the design time is to be
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minimized at the expense of the excessive power consumption due to over-design in later

pipeline stages. Next, scaling is applied to each pipeline stage to minimize the power

consumption in later part of the pipeline.

4.4.1 No Scaling

When design time is one of the key constraints, often identical stages are used for

all pipeline stages[8]. In this case, a single stage is designed to meet the most stringent

requirements of the first front stage and replicated for all subsequent stages. So, it is

obvious that all later stages areover-designed and guaranteed to meet their specifications.

The total powerdissipation for identical pipeline stages is simply the powerof each stage

times the number of stages.

The power of the SC S/H/Gain stage can be simulated for the configuration shown

in Fig. 50 where the load capacitance is 2BC +Cflash where Cflash is the input

Stage i

Cs =(2B-1)C

HoldMode * Sample Mode

FIGURE 50. Operation of pipeline stages implemented with identical stages.

84

Stage i+1



capacitance of the flash ADC section. The total number of op amps is approximately equal

to the resolution of the converter divided by the B. The number of comparators required in

B+lthe flash ADC section is also given by (2D -2)[7]

So, knowing the load capacitance and the interstage gain for the pipeline stage, the

power dissipation can be found if a single stage power is known. Power estimation is

carried out and the results on power dissipations of 8,10,12, and 14-bit converters are

shown in Fig. 51 for B=l and Fig. 52 for B=2.The time scale is normalized to the ft of the

MOS transistor. In both cases, curves for 8 and 10 bit ADC power levels show a flat region

at low sampling rate. This is because a certain minimum size SC circuit is assumed as an
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FIGURE 51. Power dissipation of an N-bit pipeline ADC for B=l vs. fs/ft.
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FIGURE 52. Power dissipation of an N-bit pipeline ADC for B=2 vs. fs/ft.

initial starting point for the analysis, and this minimum size is still larger than the value

theoretically required for the particular resolution(8 and 1Obits in this case). In other

words, the pipeline stage for 8 and lObit ADC's is basically over-designed because the

theoretically minimum size op amps are too small to be drawn in practice (at least with

1.2|im CMOS technology used here) at low sampling rate. As the sampling frequency

increases, the interstage bandwidth must be increased to meet the faster settling time

requirement reqiiiring larger bias currents, and as a result the power curves rise from the

flat region. Also, notice that the power difference between 8 and lObit curves is much
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smaller than that predicted by kT/C noise consideration discussed in previous sections.

This is again due to the fact thatthe noise is notmuchof an issue for theseresolutions and

therefore power is mainly determined by the settling time requirement. However, for

higher resolutions, such as 12 and 14 bits, the power difference agrees with the prediction

according to kT/C noise consideration; the 2bit difference between 12 and 14 bit ADC's

shows ~16x difference in power confirming that power dissipation of high resolution

ADC's is mainly determined by kT/C noise level for a given speed.

Fig. 53 shows the comparison between B=l and B=2 cases by overlapping Fig. 51

and Fig. 52. For low sampling rate and resolution of 8-10 bits, the minimum size pipeline

Total
bias
current

le-03

FIGURE 53. Fig. 51 and Fig. 52 on top of each other.
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stage can easily meet both noise and speed requirements, and as a result its power is

simply determined from the required number of stages; less number of stages (or larger

per-stage resolution) requires less power. However, as the sampling frequency increases,

setting time requirement becomes a dominant factor in determining the power dissipation,

and lower per-stage resolution(B=l in this case) results in lower power dissipation

because the interstage amplifier operates much closer to its unity gain configuration with

lower interstage gain and larger feedback factor as discussed in section 4.2. So, for these

resolutions and high sampling rates where the settling time, not the noise, determines the

power, lower per-stage resolution results in net power saving through its larger feedback

factor and reduced load capacitance although more stages are required.

For low sampling rateand the resolutionof 12-14 bits, power dissipations for both

cases are about equal. Inherently the lower closed loop of B=l case is faster than B=2

case, but the larger per-stage resolution is preferred since its large interstage gain

attenuates the noise when it is referred to the input. As a result, power saving from lower

closed loop gain for speed cancels with capacitance increase for noise consideration. Near

the speed limit of the technology, B=2 case simply cannot make the settling time

requirement, and only option becomes B=l case.

Therefore, from comparing these two figures, the optimum per-stage resolution

can be found; for low speed operation, since minimum size op amps are sufficient to meet

both kT/C and speed requirements, larger per-stage resolution with less number of stages

is better for low power. For a high speed operation near the limit of the given technology,

lower per-stage resolution allows low closed loop and low loadcapacitance configuration

for the interstage amplifier dissipating less power.

4.4.2 Scaling

Although the previous approach can save design time, later pipeline stages result
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in excessive power dissipation since they are over-designed. Further reduction on power

dissipation is possibleby scaling each pipeline stage according to its stagerequirements.

In Fig. 54, the normalized power dissipation of each pipeline stage is plotted for
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FIGURE 54. Scaling of pipeline stages for different resolutions for fs=20MS/s and
B=l.

different resolutions at fs=20MS/s. As each stage is placed before the previous one near

the front end, the power of the front-end stage increases by factor of 4 dictated by kT/C

noise consideration, and the first stage power is more than 50% of the total power for the

resolution higher than 12 bits at this sampling rate. In later stages, the slope of the curve is

less steep than the front, limited by the settling time requirement. In this case, later stages

dissipate only small fraction of the total power and therefore can be implemented with
89



Total

bias
current 14bit

le-04 le-03 le-02

FIGURE 55. The total power dissipation vs. the sampling rate for B=l.

fs/ft

identical stages without much overall power increase.

In Fig. 55, power dissipations for different sampling rates and different resolutions

are shown, and similar trends as in no-scalingcase can be also found in this case.

Power estimation has been carried out for B=2 case, and their results are shown in

Fig. 56 and Fig. 57. Again, similar trends as B=l case are found except that the power

increase near the front is 16x since two bits are resolved per-stage.
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Fig. 58 shows the comparison between B=l and B=2 cases by overlapping curves

in Fig. 54 and Fig. 56. It can be easily seen that the power per stage is much larger for

larger per-stage case while it requires only half the number of stages as predicted.

Fig. 59 again shows power comparison for different sampling rates by overlapping

curves in Fig. 55 and Fig. 57. Similar trends as no-scaling case still hold here. At low

sampling rate, B=2 case dissipates less power simply due to a smaller number of required

stages since the pipeline stage of minimum size is sufficient to meet both noise and speed

requirements. At a high sampling rate, lower per-stage resolution allows faster operation

of the interstage amplifier for a given power dissipation andresults in lower power.
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FIGURE 59. Normalized power of each pipeline stage vs. fs/ft for different resolutions
and for B=l and 2.

In Fig. 60, the powerdissipation of the scaling case is compared to that of the no-

scaling case for B=l. As the sampling rate increases, the difference in power dissipation

increases since the scaling case requires much less power in later stages. Without scaling,

the power dissipation of a 10 bit converter approaches to that of a 12 bit converter with

scaling. At high sampling rate, the difference is as high as 5x, indicating that considerable

amount of power dissipation can be saved at the expense of increased design time for

scaling.

In Fig. 61, the same comparison is made for B=2. Again, the power dissipation of
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FIGURE 60. Power comparison betweenscaling case and no-scaling case for B=l.

the no-scaling case is much higher than that of the scaling case. However, the power

difference is somewhat smaller than that of B=l case; the difference is about 2 or 3x

between scaling and no-scaling cases for this particular example. Power saving in B=l

case is more significant than B=2 case because lower per-stage resolution allows an

interstage amplifier configuration for higher bandwidth allowing each pipeline stage

design closer to the noise-limited minimum size.

Based upon the observations made up to now, the following can be concluded.
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FIGURE 61. Power comparison between scaling case and no-scaling case for B=2.

1. Larger per-stage resolution yields lower power dissipation at low sampling rates

for both scaling and no-scaling cases if a certain minimum size stage set by the layout

issueof the technology is assumed. This is because the minimum size circuit is still larger

than the value theoretically required for the particular resolution^ and 1Obits in this case).

2. At higher sampling rates, lower per-stage resolution dissipates less power

dissipation overriding the fact thatit requires more stages, because it allows each pipeline

stage design much closer to the noise-limited minimum size. Larger per-stage resolution

design is more limited by the settling time requirement and requires more power as a
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result although it requires fewer stages.

3. As expected, scaling pipeline stages consumes considerably less power

dissipation than identically implemented pipeline. Also, one can notice that in scaled

pipeline stages, the power saving of a lower per-stage resolution to that of a larger per-

stage resolution is greater compared to the same situation with identical stages, based on

the analysis of this section.
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CHAPTER 5

Low Power Low Voltage

Techniques in Pipeline A/D

Converter Architecture

5.1 Introduction

Up to now, basic discussions on key function implementations, various converter

architectures, and a detailed operation of the pipeline converter are presented. In this

chapter, techniques to reduce power dissipation and to allow low voltage operation of the

pipeline A/D converter architecture are presented. The best way to illustrate the

techniques is to present the prototyped] implementation and its experimental results. In

the prototype, per-stage resolution of 1.5 bit is chosen and its justifications are presented

first. Then, techniques for low power and low voltage operations are presented with

simulation and/or measurement results.

5.2 1.5 bit/stage Pipeline Architecture

A block diagram of a typical pipeline A/D converter is shown in Fig. 62. It consists

of a cascade of N identical stagesin which eachstageperformsa coarse quantization, a D/

A function on the quantization result, subtraction, and amplification of the remainder. A S/

H function in each stage allows all stages to operate concurrently, giving a throughput of
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one output sample per clock cycle. Fig. 62 illustrates the particular configuration of

in
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FIGURE 62. A 1.5 bit/stage pipeline A/D converter architecture.

interest here in which the D/A, subtraction, amplification, and S/H functions are

performed by a switched capacitor(SC) circuit, with a resolution of 1.5 bits perstage and

an interstage gain of 2. The D/A function is performed by two equalcapacitors. When the

input signal is applied, each stage samples and quantizes the signal to its per-stage

resolution of 1.5 bits [8][11] [6](i.e. 2 decision levels and 3 possible output codes, 00, 01

and 10 excluding 11), subtracts the quantized analog voltage from the signal by

connecting the bottom plateof capacitor C§ to Vdac^ Vref or 0)» and passes the residue

to the next stage with amplification for finer conversion. Then, 1.5 bits from allstages are

collected and produce a full 10bit representation of the applied analog input signal.

The resolution of 1.5 bits/stage is chosen in this pipeline implementation mainly for
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the following two reasons. The first reason is to maximize the bandwidth of the S/H/Gain

SC circuit which limits the overall conversion rate. In orderto perform fast interstage

signal processing, the output of operational amplifier in the SC circuit has to settle in half

the clock period to the given accuracy of each stage prior to the next stage sampling

instance. Since the bandwidth of the SC interstage amplifier dependson its interstage gain,

choosing the per-stage resolution which allows the low closed-loop gain configuration for

fast settling is essential. With the resolution of 1.5 bits/stage, the closed-loop gain of only

2 allows configuration for low load capacitance (composed of only two sampling

capacitors of the next stage and input capacitance of two comparators in the flash A/D

section) and large feedback factor (of about 1/3), and as a result a large interstage

amplifier bandwidth can be achieved compared to that of larger per-stage resolution(2-

3bits/stage).

Also, the resolution of 1.5 bits/stage allows large correction range for comparator

offsets in the flash A/D section. Only two comparators are required in the flash A/D

section of each stage, and the comparator offset up to ±Vref/4 can be tolerated without

degradation of the overall linearity or SNR. This is illustrated with residue plots in Fig. 63.

Input and output ranges of each stageare both±Vref. Fig. 63(a) shows ideal case with zero

comparator offsets, and in Fig. 63(b), the shifted residue plot due to the comparator offset

AV is shown. With the use of digital correction algorithm in 1.5 bits/stage pipeline

architecture, the overflow of presentstage output from the input range of the following

stage can be prevented even with the presence of a large comparator offset up to ±Vref74,

so that this offset error amplified down the pipeline can be detected for correction.

This large errorcorrection range can also eliminate the dedicated input S/H circuit

Instead, the input signal can be sampled simultaneously by the switched capacitor

amplifier and by the dynamic comparators of the flash A/D section in the first stage as

illustrated in Fig. 64. This is made possible by the fact that digital correction allows
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FIGURE 63. Residue plots (a) ideal (b) withcomparator offsetAV.
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FIGURE 64. The first stage input sampling network.
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comparator errors up to ± 1/4 Vref without degradation of linearity or SNR with its input

bandwidth given by

f ~ correction ~ Zrf offset
rinput, BW A-27C-At (EQ 45)

where V^^^ is the digital correction range, £Voffset is the sum of comparator and

interstage amplifier offset voltages, A is the input sinusoid amplitude, and At is the time

difference between sampling instances as illustrated in Fig. 64. With A=1V, VCOITection=

±250mV,At = 3nsec, and XVoffset = 50mV, input bandwidth is around 16MHz. For the

sampling rate of 20MS/s in the prototype, this is larger than the Nyquist frequency of

10MHz and therefore acceptable for most video-applications whose signal bandwidth is

around 5MHz[44]. Since At, which is created by simple inverter delays, scales with

technology, the inputbandwidth is expected to increase with faster scaled technologies for

higher sampling ADC if this sampling scheme is used. In terms of power dissipation,

eliminating the inputS/H circuit saves about 20- 30% of overall op amp power ata 10bit

level since the S/H circuit has to meet full resolution requirement potentially dissipating

large power. Without the input dedicated S/H, the overall pipeline contains 9 2-bit flash

quantizers and 8 interstage amplifiers.

53 Power Reduction Techniques

In pipeline A/D converters, amajor portion of the total power dissipation is from the

static power dissipated in analog circuit components thatrequire DC biascurrents, suchas

precision comparators and op amps. The charging/discharging of sampling capacitors,

clock drivers and digital circuits contribute arelatively small amount to the overall power

dissipation. Therefore, in this implementation, major effort is taken to reduce DC power

dissipation. One effective method is to use dynamic comparators to implement the low-

resolution flash A/D section in each stage, since the digital correction can relax the
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comparator accuracy requirements as mentioned in section 5.2. In this way, static power

dissipation of precision comparators can be eliminated. Also, a substantial power

reduction can be achieved by using the minimum possible size of sampling capacitors at

each point in the pipeline, as dictated by kT/C thermal-noise considerations. This is

possible since later stages can tolerate morenoisedue to decreasing stageresolution down

the pipeline and therefore can be made small to reduce powerconsumption. These design

approaches are discussed in detail in the following sections.

5.3.1 Dynamic Comparators

In high resolution A/D converters, precision comparators consume DC power since

low-offset pre-amp stages are required to amplify the signal before an accurate

comparison is made. However, in the pipeline architecture, the error from a large

comparator offset in flash A/D section of each pipeline stage can be easily compensated

with digital correction. As mentioned above, for a 1.5 bit per-stage resolution, the

comparator offset up to ±Vref/4 can be corrected. So, for example, with a reference

voltage of IV used in the prototype, comparator offset up to ± 250 mV canbe tolerated. In

typical dynamic cross-coupled inverter latches, process variations and mismatches can

result in large offset voltage but they can still meet this offset requirement easily. So,

without the use of a pre-amp, simple dynamic latches can implement the comparators in

the low resolution flash A/D converter to remove DC power dissipation.

One implementation of a dynamic comparator is shown in Fig. 65. Here the lower

set of NMOS devices operate in the triode region and they are connected to the inputand

the reference. As the uppercross-coupled inverter-latch regenerates when the latch clock

goes high, the drain currents of the active switching NMOS devices aresteeredto obtain a

final state determined by the mismatch in thetotal resistance. In thiscase, resistances (Ri

and R2) orconductance (G^l/Rj and G2=l/R2) of NMOS pairs biased in triode region

are given to the first order by
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FIGURE 65. A dynamic comparatorwith built-in threshold level.

G1 = s-=kp
"W W "l

17 ' (Vin+ *Vth) +17 ' (Vref' "VtH) J•

1 rw w ~\G2 =F =kp[-ji •(Vin- -Vth) +-ji •(Vref+ -Vth) J.

(EQ46)

(EQ47)

The input voltage whichcauses Gj equal to G2is the comparator threshold voltage.

From EQ(46) and EQ(47), it is given by

W2
V. I = - • Vrefinlthreshold W!

where Vin = Vin+ - Vin- and Vref = Vref+ - Vref-

(EQ48)

Therefore, arbitrary noncritical thresholds can be set by properly ratioing the triode

region device widths, (W2/Wi), without theuseof any sampling capacitors orswitches at
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the input. In this implementation, the required O^/Wj) ratio is 1/4 to generate comparator

threshold levels at ±Vref/4. Of the 35 mW total dissipation in the experimental A/D

converter operating at20MS/sec, it is estimated that only 3.5 mW was dissipated in 18

comparators.

5.3.2 Scaling of SC Circuits Through the Pipeline

A fundamental noise source present in A/D converters is thermal noise, and the

magnitude ofthis noise is afunction ofthe sampling capacitor size (Cthermal ~kT/C). For

instance if the input signal is sampled on a lpF capacitor through a MOS transmission

gate, the voltage sampled on thecapacitor contains notonly the signal but also the noise

voltage whose RMS valueis 64 uV at room temperature. Therefore, in this ideal case, the

minimum achievable power dissipation in a MOS sample/hold circuit is set by the

maximum allowable value of this kT/C noise to achieve the required signal-to-noise-

ratio(SNR) before quantization. This sets the minimum sampling capacitor value, which

in turn sets the minimum power dissipation for agiven sample rate assuming the capacitor

mustbe completely discharged on each sample period. At room temperature this limit

corresponds toabout 0.2 uW per MS/sec at the 10-bit resolution level, assuming the RMS

thermal noise is set to cause IdB decrease in overall SNR over and above that contributed

byADC quantization noise in the ideal case (see section 2.3.1), and that the signal swing

is equal to the supply voltage. The required power dissipation quadruples for each

additional bitof resolution and is independent of power supply voltage.

This limit is about four orders of magnitude below the dissipation achieved in

recently described high-speed A/Dconverters. In practice, the S/H power is dominated by

dissipation inthe (usually class A)operational amplifier or buffer that drives the sampling

capacitor in the sample and/or charge transfer modes. As a practical matter, power

minimization in the overall A/D converter translates to minimizing the power inthe active

circuitry driving the sampling capacitor whosekT/C noise limits the SNR of theconverter.
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In the pipeline architecture, this again translates into minimizing the SC circuit

power in each stage. In order to do so, the minimum allowable value ofsampling capacitor

must be used at each point of pipeline, since it becomes the load capacitance of the

previous stage and the size ofthe amplifier isproportional to that ofthe capacitor for given

speed. Thus, optimization of the power dissipation ofeach ofthe operational amplifier in

the pipeline can be performed taking into account the source, load, and feedback

capacitors seen by each one. Noting that the stage requirements on the speed and accuracy

become less stringent as the stage resolution decreases down the pipeline, stages in the

later part ofthe pipeline can be scaled down by using smaller sampling capacitors and op

amps. In this case, the sizes of sampling capacitors and op amps near the front end are

determined by the noise floor, and toward the end ofthe pipeline, parasitic capacitances

begin to dominate, and so settling time requirements determine the size ofeach stage.

Inthe prototype, the optimization resulted inpower dissipation ranging from 4.8mW

in the first stage amplifier to 0.5mW in the last stage amplifier. In Fig. 66, normalized op

Normalized

Power 4

1.0

FIGURE66. Scaling of pipeline stages.

Speed Limited

(Due to parasitic capacitance)

Stage

amp bias currents ofeach stage are shown. Through this optimization process, the power
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dissipation can be reduced by about 40 - 50% relative to the dissipation if all stages are

identical.

One implication of the use of small capacitors in the first three stages is that the 0.1%

matching in the D/A capacitors required for 10 bit INL will not be achieved in the as-

fabricated state. Calibration circuitry has been incorporated into the first three stages to

remove these mismatch errors[9]. This circuitry consists of a small T network of trim

capacitors around the input sampling capacitor, and in the prototype, these are adjusted

using external calibration logic control

5.4 Low Voltage Operation

Forcompatibility with low voltage digital IC systems, 3.3V supply was chosen for

the prototype, andthis requires the solution of two problems to operate SC circuits at low

voltage. First, a high-speed 3.3V op amp with an output swing that is a large fraction of

the supply voltage, and with large enough voltage gain for the desired resolution, is

required. A second major problem in standard CMOS technologies is the fact that for 3.3

volt supplies transmission gates produce a high (or infinite) resistance region nearthe mid-

supply voltage due to insufficient gate drive. Solutions to these two problems are

described next.

5.4.1 High-speed 3.3 V Op Amp

In the pipeline architecture the most stringentrequirement on the op amp is on the

first stage where DC gain in excess of 60dB and 0.1% settling time under ~20nsec are

required to implement an accurate SC S/H/Gain block for 10-bit 20MS/s operation. In a

typical 1.2umCMOS technology, designing such an op ampwith powerconsumption of a

few mW's is a difficult task. Especially with a 3.3V supply it becomes morechallenging

where the triple-cascode op amp structure, the simplest way to increase gain while
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maintaining high speed as in [8][11], cannot be used due to alimited output swing. While

a folded cascode op amp can be used at 3.3V, its folded implementation requires aslow

PMOS transistor in the signal path and degrades achievable DC-gain due to reduced

output resistance at the folding node compared to straightforward cascode. To improve the

DC-gain, multi-stage configurations with pole-split compensation are attractive, but

because ofthe non-dominate pole resulting from the load capacitance and the necessity of

driving a compensation capacitor, a substantial degradation in achievable bandwidth and

settiing time at a given powerdissipation canresult

For 10-bit 3.3V operation, however, another viable solution is to use acascode stage

with alow-gain, wideband pre- amplifier to increase the gain by a factor of about 2.While

this does add another stage with its power dissipation, it has only NMOS transistors in its

signal path and preserves the very desirable property of the cascode amplifier that the load

capacitance is also the compensation capacitance. The low-gain preamplifier increases the

effective gm of the transconductance stage and provides necessary DC bias level shifting

for the second stage input. However, anon-dominant pole is introduced due to the input

capacitance of the transconductance stage. In this case, choosing the optimum value for

preamplifier gain is important not to waste any achievable bandwidth. For example, if the

preamplifier gain is too small, the "boosting" effecton the gm of the transconductance

stage will be sub-optimum. If it's too large, then the non-dominant pole will be brought

down and limit the bandwidth. Therefore, there will be an optimum value for the

preamplifier gain for the given SC configuration which achieves minimum settling time.

This configuration was utilized in the prototype, and its circuit diagram is shown in

Fig. 67. The optimum value for the preamplifier gain for the given SC configuration was

about 1.75. In the particular technology used for the prototype, the output resistance of the

PMOS transistor was much worse than that of the NMOS transistor for the same bias

condition. Thus series feedback gain-boost amplifiers[40] are included in the PMOS
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FIGURE 67. A 3.3V high-speed high-gain op amp.

current source to provide an adequate voltage gain as shown in Fig. 68. These amplifiers

implemented in differential configuration are capacitively coupled into the signal path

using level shift capacitors Cj and C2 which are initialized byclosing switches SWj and

SW2 with transistor Mj connected to desired input common mode level. The common-

mode feedback of the main amplifier is also capacitive through C3 and C4. This is also

illustratedin Fig. 68.

Running on a single 3.3V supply, the first stage amplifier achieved a simulated 0.1%

settling time of about 17 nsec with Cs=CF=0.39pF and external load of 1.8pF. Power

dissipation of the first stage op amp is 4.8mW and from experimental results it can be

deduced that the voltage gain is greater than 60dB. Gain-boost amplifiers are used only

for first three stages, since DC gain requirements inlater stages are relaxed.
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5.4.2 Low Voltage Operation of SC Circuits

In standard CMOS technologies, the threshold voltage ofMOS transistors (typically

I-0.8VI) does not scale with the supply voltage, and it becomes a large portion ofthe

supply voltage leading to problems when MOS transistors are used as switches at low

voltages as illustrated with conductance(l/resistance) plots for different supply voltages in
Fig. 69

For instance, assuming supply voltage of 3.3V, the input signal voltage at the mid-point of

the supply, and threshold voltage of about 1.3V with body-effect, the gate voltage

overdrive given by (Vgs-Vth) becomes 0.35V (Vg-Vs-Vth=3.3V - 1.65V - 1.3V= 0.35V).

In this case, switch on-resistance can vary by 30-60% if threshold voltage changes by

± 100-200mV with process variations, resulting in speed degradation of the SC circuits.

Although large transistor switches can be used for the worst case Vth design, the switch
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FIGURE 69. CMOS transmission gates conductances for different supply voltages.

parasitic capacitance can significantly overload the output of SC circuits, especially in

later stages where they are small due to scaling. Therefore, in order to solve this problem,

increasing (Vgs-Vth) is desirable to implement low on-resistance MOS switch without

adding too much parasitic capacitance.

There are several possible ways to increase this gate voltage drive. One method is to
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reduce Vth by including an extra low-threshold(~0-0.3V) transistor in the process.

However this adds process complexity. Another method is to increase Vgs by using one

large 5V supply created from 3.3V chip supply to drive all switches on the chip, but

potential problems of this method include possible cross-talk to some sensitive nodes

through the shared supply and difficulty in estimating the total charge drain to drive all

switches. Another viable solution is to simply use a dynamic circuit to locally boost the

clock drive. In this case each individual charge pump circuit drives each transmission gate

or set of transmission gates that use the same clock to avoid the problem of crosstalk

through the clock line.

In the prototype, the last approach is used with the use of a high voltage generator

circuit shown inFig. 70(a). By applying asquare wave input signal of 3.3 V, Ci and C2 are

self-charged to 3.3 V through the cross-coupled NMOS transistors[34], and an inverted

squarewave output of «5 V is generated according to

Vhi =2Vdd •̂ J?_ . (EQ 49)
^gate,M2 T^2T ^parasitic

where Cgate)M2 *s the gate capacitance of transistor M2. Because this gate voltage

overdrive is much higher than the signal common-mode voltage («Vdd/2), sampling

switches are implemented with only NMOS transistors, and theparasitic capacitance from

PMOS transistors is eliminated. Fig. 70(b) shows thebias voltage generator for then-well

of the PMOS transistor Mj, which has been designed to prevent latch up during the initial

power-up transient. Reliability is not a concern here since 5-volt-capable technology is
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FIGURE 70. (a)A high voltage generator for switches and (b) a bias voltage generator
for the well of Mj to prevent latchup.

113



CHAPTER 6

Experimental Prototype and

Measurement Results

6.1 Prototype

6.1.1 Floor Plan

A prototype A/D converter based on the above architecture was fabricated in a

double-poly double-metal 1.2-iim CMOS technology. It consists of 8 pipelined stages and

one flash A/D section in the end. Capacitors in the first three stages are calibrated with
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FIGURE 71. A die phot

trim capacitor arrays to achieve high accuracy. A die photo is shown in Fig. 71. Clock

lines are routed in the middle, and the analog signal path is folded around to make the chip

area square. Op amp bias circuits are shared between several op amps, and all bias

currents are controlled byone external master bias current. Chip area notincluding the pad

ring is 3.2 x 3.3 mm2.

6.1.2 Op Amp Bias Circuit and Clock Generation Circuit

In the prototype, one external master bias current produces several reference

currents by current mirrors, and they are distributed to op amp bias circuits as shown in
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Fig. 72. Currents are distributed instead of the gate voltage(Vgs) of the master current

L=3um

External
master

current

source

FIGURE 72. Distribution of bias currents from the external master current source.

source. This is because the finite resistance of the supply line can produce small voltage

drop (V=IR) which can change the Vgs of the current source and in turn can alter the

current value, if the gate voltage is distributed. For instance, if the voltage drop is lOmV

and Vgs-Vth of the current source is lOOmV, then, the difference can cause about 20%

change in current if square law device characteristic isassumed. If currents are distributed

instead, this problem can essentially be eliminated by generating necessary gate voltages
locally from the reference current, and the voltage drop can be minimized.
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Fig. 73 shows the bias circuits used for op amps. Cascode bias voltage is generated

Vdd

o ncas

GND

FIGURE 73. Op amp bias circuit

by using multiple transistors biased in triode region. Then, PMOS bias voltages are

generated in slave to the NMOS side for better current matching and controllability. The

biasvoltage"ncm" is for the load device of the pre-amp stage in the op amp.

In the prototype, non-overlapping clockis required for reliable pipeline operations,
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and required waveforms are shown in Fig. 74. Early and late clocks are needed for
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FIGURE 74.Clockwaveforms for the pipeline operation.
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sampling instance and other switching operations respectively, so that other transmission

gates and digital switching noise does not couple into the accurate sampling operation.

Dueto thesenon-overlapping and delayed clock schemes, various clock rise/fall times add

and reduces actual setting time for the interstage amplifier output. Especially, for the given

1.2 urn technology optimized for 5V operation, 3.3V operation increases the rise/fall
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times and reduces available setting time even further.

Fig. 75 shows modified waveforms to allow more time for opamp settling. By

using thisclockscheme, extra 3-5 nsec is added to theopamp settling time.
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FIGURE 75. Modified clock waveforms to line up the rising edge of the early/late
clocks
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The new waveforms can be generated with circuits shown in Fig. 76. Parts of the

Vdd=3.3V

Clock

Gnd

To line up the edges

Vdd=3.3V

Gnd

FIGURE 76. Clock generator circuits

inverter delay chains are modified so that the early and late clocks can befined up together

at the rising edge. This is done by bypassing the delay chains with transistors indicated

with arrows to reset the internal node and in turn to line up the rising edges of the clocks.

Fallingedges are thencreatedby the delayinverterchain action. Inverterclock waveforms

are again inverted by the high voltage generator circuit shown in section 5.4.2 to create

waveforms in Fig. 75.
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6.2 Measurement Result

Fig. 77 shows SNDR vs. the input amplitude for 100 kHz and 10 MHz input

frequencies at 20-MS/s conversion rate. The peak SNDR is 59.1 dB for 100 kHz input sine

wave. At Nyquist sampling (10MHz input), the SNDR is 55.0 dB. Degradation in SNDR

SNDR(dB)

60

55

-40 -30

vw/yvvw:

-20

Input level (dB)

Ideal

100kHz input

10MHz input

-10 0

FIGURE 77. SNDR vs. the input amplitude for 100kHz and 10MHz input frequency
at 20MS/s conversion rate.

at high input frequency is due to the fact that the input signal is sampled both on the first

stage interstage amplifier and the flash ADC with some time difference in order to

eliminate the dedicated S/H circuit for low power as described in section 5.2. In the
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prototype, the time delay is set by 4 CMOS inverter delay and is about ~3-4nsec with 3.3V

supply. According to (EQ. 45), this corresponds to the input bandwidth of around 10MHz,

which agrees with the measurement result. If the time delay is reduced by having only 2

CMOS inverter delay, then a 2x improvement in its input bandwidth is expected.

In Fig. 78, differential nonlinearity (DNL) and integral nonlinearity (INL) vs. input

code are plotted. The magnitude of the maximum DNL and INL are 0.5 LSB and 0.6 LSB,

respectively.

(LSB)

0

(LSB)

code

(a)

1000

FIGURE 78. (a) Differential non-linearity error, (b) Integral non-linearityerror.
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Fig. 79 shows the probability of getting a code i vs. the DC input voltage near the

code transition. The extracted total input-referred RMS noisevoltage from this plotwas

~220uV while the designed value was 216uV. This confirms the kT/C noise-limited

design in the prototype.

Total

input-referred

noise variance

Designed (216|iV)2

Measured (~220]iV)2

Vin " VthreshoId> code >

FIGURE 79. The probability of getting a code i vs. the DC input voltage near the
code transition

Fig. 80 shows the measured power consumption vs. the sampling frequency on a

log-log scale. Of 35mW of total power dissipation at 20MS/s, static power consumption

was about 20mW. At a reduced bias current and a sampling frequency of 1 MS/s, the
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power consumption was 2.8 mW with peak SNDR of 58 dB.

Power(mW)

30

20

15

10

10 20

FIGURE 80. Measured power consumption vs. the sampling frequency

fs

(MS/s)

6.3 Power Comparison

One way to compare the power dissipation between ADC's is to compare the

power dissipation normalized to its sampling frequency for different channel length as
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shown in Fig. 81. Only 10bit CMOS A/D converters are considered for the comparison in

Power/fs

(mW/MS/s)

100 ^

10

0.1
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FIGURE 81. Power normalized to the sampling frequency vs. the channel length

this section. The data points shown in Fig. 81 suggest that the power dissipation of ADC's

improves with advanced faster technologies, and even with 1.2|im technology, the

prototype ADC dissipates much less power than other ADC's. This confirms the

effectiveness of the low power techniques used in the prototype.
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CHAPTER 7

Conclusion

In this thesis, fundamental limitations to the power dissipation of key functions for

high speed A/D converters are examined. Key functions are sampling, quantization, and

reference generation, and required power dissipation in each case is dictated by accuracy

consideration. The summary is as follows:

1. Theoretical limit on the power dissipation of the sampling in MOS technology is set by

kT/C noise. Its power dissipation is purely dynamic and independent of the supply voltage

for given sampling rate and resolution. In reality, however, the static power dissipation

from active circuitries such as op amps in SC S/H circuits is three or four orders of

magnitude higher power dissipation than the theoretical CV2 limit However, the power

dissipation is still proportional to the size of the sampling capacitor dictated by the kT/C

consideration.

2. Power dissipation associated with the quantization function is determined by accuracy

requirements, which is fundamentally set by kT/C noise consideration. In reality, a broad

band pre-amplifier(s) is required to minimize errors due to offsets and charge injection,

and its static power dissipation again dominates over the dynamic power set by kT/C

consideration.

3. Two common methods of generating reference levels are using R-DAC and C-DAC.

The amount of allowable thermal noise again determines the power dissipation in each
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DAC, and C-DAC usually achieves less power dissipation than R-DAC, because no DC

bias current is required. Although theoretical analysisshows that C-DAC achieves smaller

power than that of R-DAC by only a factor of 2 or 3, practical issues such as available

resistor in the technology, DAC settling, matching, etc.,makes this difference much larger.

4. Power dissipations of several ADC architectures are examined. From a "power factor"

standpoint, a pipeline architecture presents itself as a potential candidate for low power

consumption due to pipeline scaling and digital correctionwhich allow the design of each

stage close to kT/C limited minimum size.

5. In the experimental prototype, it has been demonstrated that digital correction and

pipeline scaling techniques which allow the use of dynamic comparators and SC circuit

scaling down the pipeline are effective in reducing the power dissipation. Also, for low

voltage operation, 3.3V high-speed op amp and high voltage generators designed. This

shows that low voltage, low power operation of pipeline A/D converters can be effectively

achieved for video-rate applications.

Based on the analysis and experimental results given above, the following

projection can be made for further reduction of power dissipation in CMOS pipeline A/D

converters.

1. A new high speed op amp topology with largeroutput signal swing is needed in order to

further reduce the sampling capacitor size allowing more kT/C noise in the system.

Common source stages at the output is suggested for this, and op amp gain requirement

may require an extra gain stage since cascoded output stages cannot be used, with possible

reduction of its bandwidth from multi-stage configuration. Therefore, designing an op

amp with both large swing and large bandwidth will be very challenging.

2. High speed class AB or B type operational amplifiers can be designed to reduce the

static power dissipation. This may require an advanced scaled CMOS technology to
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increase the bandwidthof the class AB or B type amplifiers.

3. Parallel ADC's can be implemented with auto-calibration techniques to eliminate path

matching problems. For approximately square law MOS devices, parallelism can

theoretically save power by factor of 2 at the expense of 2x area increase excluding

ancillary circuit power such as clock driver power, etc.

4. A scaled implementation of the experimental prototype described in the thesis with an

advanced submicron technology will again achieve substantial reduction of its power

Power/fs
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0.1
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FIGURE 82. Projection of the power dissipation of the prototype ADC with a scaled
technology.

dissipation. Projection from Fig. 82 predicts another ~2-3x reduction in power dissipation

with 0.6 or0.8 um technology with a3.3V supply voltage.
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For low voltage operations, the following practical issues must be overcome.

1. A new low voltage op amp configuration is needed for lower supply voltages ranging

from 1.5 to 2.8V. Especially for scaled submicron(< 0.5 |im) technologies in the future, the

supply voltage will be chosen by the thin gate oxide reliability issue and compatibility

issue with low power/voltage DSP.

2. Efficient high voltage generator circuits or some means of providing low on-resistance

transmission gates for SC circuits are also critical. Again, oxide reliability issue must be

carefully considered for future thin oxide sub-micron devices.

3. Techniques to eliminate or minimize noise-coupling from DSP section on the same chip

are necessary. Current trend is to include mixed signal circuits as a part of a larger digital

sections, and minimizing noise coupling from digital circuit will be critical especially

when signal swing is small with low supply voltage.

129



Appendix 1

Error Sources in MOS S/H

Circuits

Three error sources in MOS S/H circuit are listed in Table 1. First one is the finite

bandwidth. The transistor on-resistance and the sampling capacitance form a RC-network

and set the signal bandwidth as illustrated in Fig. 83. The on-resistance of the MOS

\
-W

Vs

l
T

(Vs/Vin)

idB

OdB

FIGURE 83. Input bandwidth of a simple MOS S/H circuit.
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wtransistor m triode region is 1/ (kp •y- • (Vgs- Vth)) if Vds is small. Then the -3dB

frequency is given by

1 1

RC =
1

" 2tc

kp-
W

L '
(Vgs--Vth)

2% cs
f-3dB = ^ ^ = wz * • (EQ50)

Assuming the worst-case (Vgs-Vth) of IV, (W/L) of 10 and kp of 6O11A/V, the

sampling capacitor value of lpF gives -3dB frequency of about 95MHz. For the given

sampling capacitor size and (Vgs-Vth), the bandwidth of the device will increase if

advance technology is used to reduce the gate channel length, L. Another way to increase

the input bandwidth is to use a larger supply voltage in order to increase (Vgs-Vth).

However, the trend with the advanced technology is to use lower and lower voltage for

reliable operations of thin gate-oxide MOS devices and it sets the limit for the maximum

allowed supply voltage. Therefore, it is not likely that the input bandwidth performance

will improve at the same rate that the channel length is reduced, since the bandwidth

W
depends on the product of (kp • -=- ' (Vgs - Vth)) for the given sampling capacitor

value.

The second one is the charge injection error. When a MOS transistor is used as a

switch as shown in Fig. 84, there is a finite amount of charge in the conducting channel,

whose magnitude is approximately C0X(Vgs-Vth). When input signal is sampled on a

capacitor by turning off the transistor, this charge is pushed out from the channel to either

direction, and part of it is dumped on Cs causing an error voltage of AQ/Cs- The

magnitude of AQ is a complex function of the falling time of the sampling clock edge and

impedance level at drain/source, and in the fast switching-off conditions, the transistor

conduction disappears quickly and AQ approaches 50% of Cox(Vgs-Vth)[30].

This charge injection error can produce a large error in the S/H circuit because the

magnitude of the error voltage is signal dependant(AQ is proportional to C0X(Vg - Vm -
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Vg
5V

Vg=5V

OV

Vg=OV
I

FIGURE 84. Charge in the conducting channel of MOS device.

Vth)). If the input signal is close to Vg, then less charge is in the conducting channel and

less error voltage is observed. However, when Vjn is much less than Vg, the amount of

charge in the channel increases and so the errorvoltage.

One method to reduce this charge injection error is to use a dummy switch as

illustrated in Fig. 85. By absorbing the dumpedcharge with a half size transistor assuming

Vg

(W/L)

Vg

0,

(W/L)/2

cs

Vg

Vg Vg

(W/L) 1«(W/L)/2

U^Z n&
Cs

±

FIGURE 85. Chargeinjection cancellation technique using a half size dummy switch.
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50% charge split in either direction, the charge injection error can be cancelled to a first

order[45]. However, this technique relies on the matching of the transistor ratio, and 50%

charge splitting ratio in fast switching-off condition, and the cancellation effect is reduced

if the signal is driven from an external source whose impedance level is low and charge

splitting becomes a function of the source impedance[31].

Another technique to eliminate the charge injection error is the bottom plate

sampling scheme shown in Fig. 86. Two switches are used and the signal is sampled when

<E>1

<I>1'

M2 I /^n Cs
®

T->

<ET Mc

h

<frl'

<D2

\

FIGURE 86. A bottom-plate sampling technique

/

Mi turns off. Since the drain and source of Mj are always at the same potential at every

sampling instance, in this case at ground, the charge injection to the sampling capacitor

will be constant all the time and its signal dependent characteristic can be eliminated.

Charge injection from M2 does not affect the sampled signal charge, since the injected
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charge from M2 will be shorted out by M3 in the next clock phase.

Lastly, an error is caused by clock feedthrough as illustrated in Fig. 87. When Mj

J- CS Cc
* II r^A

M2

Mi

r

Ol

IVC

<f>l'

\

FIGURE 87. Clock feedthrough from Mi.

turn off, the clock signal is coupled to the sampling capacitor through the gate-to-drain

parasitic capacitance(Cc), and effectively causes an error voltage proportional to Vq and

Cc. To the first order, this problem can be solved by using differential scheme as shown in

Fig. 88. By having two identical stages and sampling the input signal differentially, the

clock feedthrough can be cancelled if its magnitude on both sides are the same. This

implementation can also cancel the charge injection error by the same mechanism. The

level of cancellation by this technique depends on the matching between two stages as in

the dummy transistor case, but at least the signal dependent error can be eliminated. In

many reported ADCs([l][2][5][8][9][ll][12][13] etc.), this scheme is widely used.

Detailed performance limitations are described in [1][10].
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FIGURE 88. A differential bottom plate sampling network for clock feedthrough and
charge injection cancellation.
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Appendix 2

kT/C Noise Calculation in SC

Circuit

1. kT/C noise calculation

Fig. 89 shows the detailed configurations for the switches in a SC circuit. During

the input sampling process, kT/C noise is sampled on the capacitors along with the input

signal(Fig. 89(a)(b)), and its magnitude is given by:

V* " c +ckJc • ^^^S + <~F + V-opamp

Then, in Fig. 89(c)(d), the sampledsignal and noise charge gets transferred to Cp

Assuming Vju=0, the total noise charge is:

q] =(C •V)2 =kT (Cs +CF+Copamp) (EQ 52)

and will cause an output voltage of

^2" - S° - kT (cs +CF +Copamp) _ kT 1
out" c£ c| c; *? {EQ 53)

where Copamp is the input capacitance of the op amp.

For differential implementation of the circuit, the noise power in (EQ. 53)
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i
rout

(a) Cp and Cs areconnected to input voltage source.

out

(b) Both signal and kT/C noise are sampled.

+ Qin

Vi„—f
M

Ws
+QinX> 'out

X r x
(c) Other switches are opened.

out

(d) Charge transfers to Cp

FIGURE 89. SC switching configurations at different clock phases.
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increases by a factor of 2 assuming no correlation between positive side andnegativeside,

since the uncorrelated noise adds in power.

Input referred noise powercanbe found by dividing the output noise powerby the

square of the gain and is given by:

7^2" _ Vout kT 1 CF f kT.(Cs +CF +Copamp)
(EQ54)

Cp I I Cg + Cp (CS + CF)

2. Op amp noise calculation

Op amp noise can be calculated for a SC circuit by injecting a current noise from

its generator as shown in Fig. 90. The noise generator in this case is the thermal noise

noise source

cs -opamp

FIGURE 90. AC model for op amp noise calculation.

source from the transistor, whose magnitude is given by

in2 =4kT(?gm)Af[3]. (EQ55)
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Then, noise power at the output can be found from

V

Ln (1 +gmro-f) • (1 +rr-—^ ?)
° 1 + gm • ro • f

™=f ~ ic^^' <***>

V„ =|(|H(slja>)|2-i„2) (EQ57)
0

where f isthe feedback factor and CLt is CL +f • (Cs +Copamp), the capacitance loading

at the output, giving the input referred noise variance of

2 2 kT-rcrT-(c^c-Jv2- «**>
For a single pole case, the noise voltage can be easily found by using the

equivalent noise bandwidth concept given in [3] without having to go through above

mathematics. However, for multiple pole/zero systems, the noise bandwidth depends on

many variables such as relative pole locations, stage gain, etc., H(s) must be found for

each current generator present in the system to accurately find the noise voltage. For a two

stage amplifier, for instance, the equivalent small signalmodel and its noise generators are

0 0 •
shown in Fig. 91. Treating op noise generators, ini and in2 as independent noise

sources, the following procedure can be repeated to find the input referred noise voltage.

IMs) = = (EQ59)
Vi

H2(s) = = (EQ60)
V2
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FIGURE 91. Op amp noise calculation method for a two stage amplifier.

t-,2Vo= 1/(1^(81^1*-^,)
i=10

o T2
V"2 = _2_in G2

(EQ61)

(EQ62)

where G is the voltage gain of the SC circuit defined in Table 3.

3. Total input-referred noise in (EQ. 19)

Now, kT/C noise and op amp noise can be added together to find the total input

referred noise assuming two noise sources are uncorrelated. Using the result from

(EQ. 54) and (EQ. 58), the total input referred noise power is given by
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, _ kT-(Cs +CF+Copamp) 2 1 J_ f CF
Tot" (CS +CF)* +K1'3-f'CLT'(c^c;.

(EQ63)

Now, substituting C§= Cp= Cl= C, the assumption used in section 2.3.2, into this

equation gives the result in (EQ. 19).
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Appendix 3

Digital Error Correction

Multistage ADC configurations require the same input and output signal ranges for

cascaded implementation. Therefore, the A/D conversion in each stage must perform

subtraction of the quantized bits from the input signal so that the output of the current

stage remains within the input range of the next stage. As discussed in section 3.3, offset

voltages in the S/H and comparators in the flash ADC section can cause output signal

larger than the maximum input range thereby losing the information. This is illustrated in

Fig. 92.

In order to prevent over-range problem, the interstage gain of the amplifier can be

reduced so that the residue signal with any offset-induced error can still remain within the

input range of the next stage as illustrated in Fig. 93. This is a basic idea behind the digital

error correction, and variations of this technique have been widely used in multi-stage A/

D converters. Input/output characteristics of one such modified digital error correction

scheme is shown in Fig. 94. In this case, offsets are purposely added to both flash ADC

and DAC outputs in order to simplify the correction logic[7]. With this scheme, only

adders are required while the previous one requires both adder and subtracter. Also, the

top comparator can be eliminated without altering the transfer function. Further detail can

befoundin[7][35][10].

In the experimental prototype presented in Chapter5, the modified digital
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Vm
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With comparator offset error

tt
Due to interstage
amplifier offset

With interstage amplifier offset error

FIGURE 92. A straightforward implementation of a pipeline stage without digital
correction, and its input/output transfer curves for ideal case and with offset errors
present.
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Ideal case

2 bit *
flash /

ADC 2 bits

out

1 .

/ /
/ /

1 Due to
I comparator offset

With comparator offset error

Due to interstage
amplifier offset

With interstage amplifier offset error

FIGURE 93. An implementation of a pipeline stage with digital correction, and its
input/output transfer curves for ideal case and with offset errors present Notice that
the transfer curves with offsets still remain between Vref+ and Vref-.
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FIGURE 94. Modified digital error correction implementation to simplify the
correction logic. The top comparator can be eliminated without altering the transfer
function.
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correction technique is used for simple correction logic as in [35][8](see section 5.2).
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